Dielectric Material Characterization up to Terahertz Frequencies using Planar Transmission Lines by Seiler, Patrick Sascha
Dielektrische Materialcharakterisierung bis
zu Terahertz-Frequenzen unter Verwendung
planarer Leitungen
Patrick Sascha Seiler, M. Sc.
von der Fakultät Elektrotechnik und Informationstechnik der
Technischen Universität Dresden




Vorsitzender: Prof. Dr. rer. nat. Stefan Mannsfeld (TU Dresden)
Gutachter: Prof. Dr.-Ing. Dirk Plettemeier (TU Dresden)
Prof. Svein-Erik Hamran (University of Oslo)
Weiteres Mitglied: Prof. Dr. rer. nat. Johann W. Bartha (TU Dresden)
Tag der Einreichung: 01.10.2018
Tag der Verteidigung: 21.01.2019

Faculty of Electrical and Computer Engineering Communications Laboratory






Born on: 17th December 1987 in Berlin
DISSERTATION
to achieve the academic degree
DOKTORINGENIEUR (DR.-ING.)
First referee
Prof. Dr.-Ing. Dirk Plettemeier
Second referee
Prof. Svein-Erik Hamran
Submitted on: 1st October 2018
Defended on: 21st January 2019

Faculty of Electrical and Computer Engineering Communications Laboratory
Chair for RF and Photonics Engineering
ABSTRACT
With increasing frequency up to the THz frequency range and the desire to optimize per-
formance of modern applications, precise knowledge of the dielectric material parameters
of a substrate being used in a planar application is crucial: High performance of the desired
device or circuit can often be achieved only by properly designing it, using speciﬁc values
for the material properties. Especially the integration of planar devices for very broadband
applications at high frequencies often demands speciﬁc dielectric properties such as a
low permittivity, dispersion and loss, assuring a predictable performance over a broad fre-
quency range. Therefore, material characterization at these frequencies is of interest to the
developing THz community, although not a lot of methods suitable in terms of frequency
range and measurement setup exist yet.
In this work, a comprehensive method for dielectric material parameter determination
from S-Parameter measurements of unloaded and loaded planar transmission lines up to
THz frequencies is developed. A measurement setup and methodology based on wafer
prober measurements is established, which allows for characterization of planar substrates
and bulk material samples alike. In comparison with most existing methods, no specialized
measurement cell or cumbersome micro-machining of material samples is necessary.
The required theory is developed, including a discussion of effective parameter extrac-
tion methods from measurement, identiﬁcation of and correction for undesired transmis-
sion line effects such as higher order modes, internal inductance and surface roughness,
as well as mapping and modelling procedures based on physical permittivity models and
electromagnetic simulations. Due to the general approach and modular structure of the
developed method, new models to cover additional aspects or enhance its performance
even further are easily implementable.
Measurement results from 100MHz to 500GHz for planar substrates and from 100MHz
to 220GHz for bulk material samples emphasize the general applicability of the developed
method. It is inherently broadband, while the upper frequency limit is only subject to the
fabrication capabilities of modern planar technology (i.e. minimum planar dimensions of
transmission lines and height of substrate) and thus is easily extendable to higher frequen-
cies. Furthermore, the developed method is not bound to a speciﬁc measurement setup
and applicable with other measurement setups as well, as is exemplary presented for a
free-space setup using antennas, enabling measurement of large, ﬂat material samples
not ﬁtting on the wafer prober.
Several substrate and bulk material samples covering a wide range of permittivities and
material classes are characterized and compared with reference values from literature and
own comparison measurements. The uncertainties for both planar substrate as well as
bulk material sample measurements are estimated with a single-digit percentage. For all
measurements, the order of magnitude of the dielectric loss tangent can be determined,
while the lower resolution boundary for bulk material sample measurements is estimated
to 0.01.
Concerning measurements in the wafer prober environment, ﬁxture-related issues are
a main cause of measurement uncertainty. This topic is discussed as well as the design of
on-wafer probe pads and custom calibration standards required for broadband operation at
THz frequencies.
Faculty of Electrical and Computer Engineering Communications Laboratory
Chair for RF and Photonics Engineering
ZUSAMMENFASSUNG
Mit zunehmender Erschließung des THz-Frequenzbereichs und der zugehörigen Optimie-
rung moderner Anwendungen ist eine genaue Kenntnis der dielektrischen Materialpara-
meter verwendeter planarer Substrate unabdingbar: Eine hohe Performance angestrebter
Bauteile oder Schaltungen kann nur durch einen präzisen Entwurf sichergestellt werden,
wofür speziﬁsche Werte für die Materialeigenschaften bekannt sein müssen. Insbesonde-
re die Integration planarer Bauelemente für sehr breitbandige Anwendungen bei hohen
Frequenzen bedingt speziﬁsche dielektrische Materialeigenschaften, wie bspw. geringe
Permittivität, Dispersion und Verluste, sodass eine vorhersagbare Performance über einen
breiten Frequenzbereich sichergestellt werden kann. Materialcharakterisierung bei diesen
Frequenzen ist folglich von Interesse für die sich entwickelnde THz-Forschungslandschaft,
wenngleich derzeit kaum Verfahren existieren, die geeignet in Bezug auf den Frequenzbe-
reich oder Messaufbau sind.
Im Rahmen dieser Arbeit wird ein umfassendes Verfahren zur Bestimmung der dielektri-
schen Materialparameter aus S-Parameter-Messungen unbelasteter und belasteter plana-
rer Leitungen bis in den THz-Bereich entwickelt. Ein Messaufbau mitsamt Messmethodik
basierend aufWafer Prober-Messungenwird entworfen, welcher die Charakterisierung von
planaren Substraten und losen Materialproben ermöglicht. Im Vergleich zu existierenden
Verfahren ist weder eine spezielle Messzelle noch eine umständliche Mikrobearbeitung der
Materialproben notwendig.
Die Entwicklung der hierfür notwendigen Theorie beinhaltet eine Diskussion von Me-
thoden zur Extraktion effektiver Parameter aus Messungen, die Identiﬁkation und Korrek-
tur unerwünschter Leitungseffekte wie bspw. höherer Moden, interner Induktivität und
Oberﬂächenrauhigkeit sowie Zuordnungs- und Modellierungsverfahren basierend auf phy-
sikalischen Permittivitätsmodellen und elektromagnetischen Simulationen. Durch den all-
gemeinen, modularen Ansatz des entwickelten Verfahrens lassen sich neue Modelle zur
Berücksichtigung zusätzlicher Effekte oder weiteren Verbesserung der Performance ein-
fach einarbeiten.
Messergebnisse von 100MHz bis 500GHz für planare Substrate und von 100MHz bis
220GHz für lose Materialproben unterstreichen die allgemeine Anwendbarkeit des entwi-
ckelten Verfahrens. Es ist inhärent breitbandig, wobei eine obere Frequenzgrenze nur durch
die Fertigungstoleranzen moderner planarer Technologien gegeben ist (minimale Leitungs-
dimensionen und Substrathöhe), sodass es einfach zu höheren Frequenzen hin erweiter-
bar ist. Weiterhin ist das entwickelte Verfahren nicht an einen bestimmten Messaufbau
gebunden und auch mit weiteren Aufbauten anwendbar, wie beispielhaft an einem Frei-
raum-Aufbau mit Antennen präsentiert wird.
Eine Vielzahl planarer Substrate und loser Materialproben, die ein weites Spektrum an
Permittivitäten und Materialklassen abdecken, werden charakterisiert und mit Referenzda-
ten aus der Literatur sowie eigenen Messungen verglichen. Die Messunsicherheiten der
Permittivitätsmessungen werden im einstelligen Prozentbereich abgeschätzt und der di-
elektrische Verlustwinkel kann in seiner Größenordnung bestimmt werden.
Aufbaubezogene Einﬂüsse als eine Hauptursache für Messunsicherheiten am Wafer Pro-
ber werden adressiert, ebenso wie der Entwurf von On-Wafer Probe Pads und selbster-
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Some of the information presented in this chapter has already been published by the author
and is taken in part from [SP19].
1.1 MOTIVATION AND OBJECTIVES
Owing to the unprecedented interest in the Terahertz (THz) frequency range from 0.1 THz
to 10 THz1 over the last decade, researchers and developers have intensiﬁed their efforts
to develop beneﬁcial applications operating at these frequencies [LRJ+17]. The THz spec-
trum is envisioned to leverage key applications of future wireless communication sys-
tems [PPMK16; FDC+19; BSK+17] and sensing or imaging applications [LRJ+17] alike.
This drives the development of integrated THz devices and passives required such as am-
pliﬁers, mixers or antenna arrays, which are typically integrated as an entire system in
planar technology.
With increasing frequency up to the THz frequency range and the desire to optimize
performance of modern applications, precise knowledge of the dielectric material param-
eters of a substrate being used in a planar application is crucial: High performance of the
desired application can often be achieved only by properly designing it, using speciﬁc val-
ues for the material properties. Especially the integration of planar devices for very broad-
band applications at high frequencies often demands speciﬁc dielectric properties such as
a low permittivity, dispersion and loss, assuring a predictable performance over a broad
frequency range [JKH+15]. Therefore, material characterization at these frequencies is of
interest to the developing THz community, although not a lot of methods suitable in terms
of frequency range and measurement setup exist yet: Especially for the frequency range
of a few hundred GHz, there are no methods available, which are well-documented or
proven to produce reasonable results. In addition to that, most of the methods known
from literature involve undesirable limitations from an application perspective, which will
be discussed along with a detailed motivation for the method developed in this work in
Sec. 1.1.1.
In this work, a material characterization method operating up to THz frequencies is de-
veloped, which allows for characterization of both planar substrate materials (tested up
to 500GHz) as well as other solid, dielectric materials (tested up to 220GHz). The two
key projects motivating this research are given by the Collaborative Research Center 912
"Highly Adaptive Energy-Efﬁcient Computing" (HAEC) [Deu18b] and the Cluster of Excel-
lence "Center for Advancing Electronics Dresden" (CFAED) [Deu18a]: In the former, wire-




less board-to-board communicationwith data rates of up to 100Gbit/s at a carrier frequency
of 180GHz drives the need for planar substrate characterization as discussed above. The
latter requires characterization of novel materials for integration of electronics or packag-
ing materials, which may not be readily available as a planar substrate yet, but are rather
provided as bulk material sample.
To address both tasks, a measurement setup and method utilizing the on-wafer measure-
ment capabilities available at the author’s lab is developed, which will be brieﬂy outlined in
the following, see Fig. 1.1:
In a ﬁrst step, planar transmission lines (TLs) are fabricated on a substrate under test,
which is then placed on a wafer prober and contacted using on-wafer probes. After calibra-
tion, a measurement of the S-Parameters of an unloaded TL allows for calculation of the
effective substrate permittivity εr,sub,eff and mapping to the physical substrate permittivity
εr,sub using the method developed in this work. This includes corrections for an increase
in internal inductance due to surface roughness of the measured TLs, a mapping of the
measured effective substrate permittivity to the physical substrate permittivity and an es-
timation of the substrate’s dielectric loss (i.e. dielectric loss tangent), which is otherwise
concealed in the measurement of the TL’s total loss.
In a subsequent step, a section of the TL characterized in the ﬁrst step can be loadedwith
a dielectric, solid material under test (MUT) with a physical permittivity εr,mut. A subsequent
de-embedding of the unloaded TL sections allows for extraction of the effective permittivity
of the loaded section. A mapping procedure similar to the one already applied in the ﬁrst
step as well as a similar loss estimation can then be used to characterize the MUT.
One of the main challenges of engineering as a discipline is to choose an appropriate
measurement setup and method according to the requirements and problem at hand. To
follow this thought, a brief review of material characterization methods and motivation for
the method developed in this work will be given in the following.
1.1.1 REVIEW OF MATERIAL CHARACTERIZATION METHODS
In the following, a brief introduction to the topic ofmaterial characterizationmethodswill be
given, including a classiﬁcation of methods, noteworthy examples thereof and a discussion
of the beneﬁts and limitations of the different classes. For further reading the author refers
unloaded TL





Figure 1.1: Overview of different measurement scenarios: Measurement of unloaded TL
for characterization of substrate material (top) and measurement of loaded TL
for characterization of MUT (bottom).
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to [CON+04], which gives an excellent overview of the variety of methods available and
related theory, which is why a detailed discussion of selected methods is omitted here2.
1.1.1.1 CLASSIFICATION OF METHODS
Mostmaterial characterizationmethods can be associatedwith one of the following classes:
• Resonant methods, which utilize the information obtained by detuning or perturba-
tion of a resonator due to the presence of a material sample.
• Nonresonant methods
– Reﬂection methods, which utilize only the information obtained by reﬂection
measurements of a material sample.
– Transmission/Reﬂection (T/R) methods, which utilize the information from
both reﬂection and transmission measurements of a material sample.
These three major classes are brieﬂy presented in the following and cover most mate-
rial characterization methods in the frequency range of interest in this work. Of course,
other methods especially for lower frequencies (e.g. up to the MHz range) exist, such as
capacitive or inductive measurements, which naturally do not ﬁt into the given classiﬁca-
tion. Since these methods are not within the scope of this work, they are not presented
in the following, see [CON+04] for further reference.
Resonant Methods. From personal knowledge of available literature, the author can re-
port that methods and setups utilizing some kind of resonator represent the most investi-
gated approaches of (dielectric) material characterization over the last century.
Concerning the actual method for calculation used in connection with the resonators
listed below, literature usually distinguishes between resonant and resonant-perturbation
approaches: In the former, the material is interpreted as part of the resonator itself and the
material parameters are extracted from the properties (i.e. a model) of the overall resonator.
In the latter, the presence of a material sample inside an otherwise unloaded resonator is
understood as a perturbation, so that the material parameters can be extracted from the
shift of resonance frequency and quality factor of the resonator.
From the plethora of publications available, a few distinct types of resonators can be
classiﬁed. Traditional classiﬁcation as still present in today’s literature denotes most of
the resonator setups with the name of the associated ﬁrst publisher, see Fig. 1.2 in the
following:
• The Courtney resonator [Cou70], which holds a dielectric rod to be characterized
sandwiched in-between two parallel conducting plates, see Fig. 1.2a. In this approach,
the dielectric is seen as the resonant structure itself. Even though the resonator is
named after Courtney due to his signiﬁcant contribution to the development of this
method, the ﬁrst description is attributed to Hakki and Coleman [HC60]. This type of
resonator can serve as classical example utilizing a resonant method as described
above.
• The Cohn resonator [CK66], which holds a dielectric rod inside a closed metallic en-
closure, see Fig. 1.2c. This resonator type follows the intuitive approach of placing
the material under test inside a resonator and extracting the material parameters
from the perturbation of resonance frequency and quality factor of the resonator. It
2In fact, the given reference is about the only textbook known to the author addressing this topic in a com-
prehensive manner so far.
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(a) Courtney (taken from [Cou70], Fig. 2, © 1970
IEEE).
(b) Kent (taken from [Ken88], Fig. 1, © 1988
IEEE).
(c) Cohn (taken from [CK66], Fig. 3, © 1966
IEEE).
(d) Split-dielectric resonator (taken
from [KGBC96], Fig. 1, © 1996 IEEE).
(e) Open resonator (taken from [Afs84], Fig. 5,
© 1984 IEEE).
Figure 1.2: Exemplary resonator setups.
can serve as classical example utilizing a resonant-perturbation method as described
above.
• The Kent resonator [Ken88], holding a dielectric sheet clamped in-between two ﬂat
waveguide ﬂanges, see Fig. 1.2b. The interest in characterizing material samples,
which may not be shaped in a certain way, but rather come as ﬂat sheets such as
printed circuit board (PCB) substrates, drove the development of the Kent resonator.
A very prominent representative of the Kent resonator is the split-dielectric resonator
as presented by Krupka [KGBC96], see Fig. 1.2d: Here, the more complex resonator
setup simpliﬁes the numerical analysis and allows for a more straightforward mea-
surement and calculation of the material properties of the dielectric sheet. In today’s
commercial PCB fabrication, this resonator can be used for PCB substrate character-
ization due to the easy handling and high repeatability.
• The open resonator as ﬁrstly described by Cullen and Yu [CY71], see Fig. 1.2e. Here,
an open resonator loaded with a dielectric sheet is used for measurement, an ap-
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proach which closely follows the idea of a Fabry-Pérot interferometer. Analysis of
this system is rather complicated, as no closed-form analytical solutions are available,
so that the determination of the dielectric material parameters from measurements
requires extensive numerical calculations.
Most other resonators are only variations of these basic versions, which often trade setup
complexity for a simpliﬁcation of the analytical or numerical analysis and vice versa.
Reﬂection Methods. Besides resonance, the reﬂection of a transmitted wave at the im-
pedance discontinuity imposed by a sample under test in the way of propagation of this
wave can be used for characterization of the sample’s material properties as well.
In the past decades, reﬂection methods such as open-circuited [BCS80; SAST82], see
Fig. 1.3, as well as short-circuited [BJGG93] coaxial measurements have been investigated
thoroughly: In the former case, a sample under test is placed at the end of an open-cir-
cuited coaxial cable, whereas in the latter case, it is inserted into a certain section of a
short-circuited coaxial cable, which serves as sample holder. In either case, often an itera-
tive approach is used to determine the permittivity of the sample in a coaxial transmission
line. For this, an objective function is deﬁned as [CON+04]
F (εr) = Yth(εr) − Ymeas, (1.1)
where Yth(εr) is the admittance calculated from theory using a model and Ymeas is the
measured admittance. Different modelling approaches exist, each of them focusing usu-
ally on a certain aspect of the coax-material interface: Yth(εr) can include a capacitive
model [SAST82], model the interface as an antenna-equivalent radiation source [BSS81]
or a segment of an equivalent, virtual transmission line [GB89], include a model based on
the physical and mathematical properties of the driving admittance [SSA94] or model the
interface by using full-wave analysis [PVV01].
Besides the coaxial methods, antenna-based reﬂection methods exist as well [KKM+90],
which usually measure the reﬂection of a ﬂat material panel under test in front of a ﬁxed
or moveable reﬂective backplate or even utilize different angles of incidence.
Transmission/Reﬂection Methods. In a T/R method, the material under test (MUT) is
inserted into a section of a transmission line, historically represented by a coaxial, see
Fig. 1.4, or waveguide TL [NR70; HHB16; STK16]. The scattering equations of the sample-
ﬁlled section relate the S-Parameters to the material properties of the material under test
and allow for a calculation of the permittivity and permeability. Even if the measurement of
only one transmission (i.e. S21) and one reﬂection (i.e. S11) parameter is usually sufﬁcient
for a symmetrical sample, all four S-Parameters can be measured and processed, which
is a distinct advantage over reﬂection-only or resonant methods. The aspect as well as
Figure 1.3: Open-circuited setup (taken from [SAST82], Fig. 1, © 1982 IEEE).
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Figure 1.4: Schematic T/R measurement setup using a coaxial transmission line (taken
from [NR70], Fig. 1, © 1970 IEEE).
the general approach of T/R methods is presented in Sec. 3.1, which is why a detailed
discussion is omitted here.
1.1.1.2 BENEFITS AND LIMITATIONS
Resonant Methods. Resonant methods inherently offer the highest accuracy due to the
high quality factors of the resonators being used, enabling a precise determination of the
material parameters of a sample placed e.g. within a cavity, especially for low-loss mate-
rials [KK85], [COT99]. Typical uncertainties for permittivity determination are below 1%,
while the dielectric loss tangent can be measured with a typical resolution of 10−4 to
10−5 [BJGG93]. Their applicability, however, is limited to single resonant frequencies of
one or more (higher) modes excited within the resonator, thus offering only discrete mea-
surements or requiring highermode identiﬁcation, whereas the quality factors of the higher
modes are usually signiﬁcantly lower than for the fundamental one [KGBC96;WC17; Kik16].
Some methods use models speciﬁcally tailored for a certain application [CK66; Cou70],
while others add the requirement of extensive numerical calculations [GDSY09; DX13].
In either case, often a specialized measurement cell is required, which becomes very
cumbersome to fabricate and handle due to the decreasing dimensions with increasing
frequency, effectively rendering thesemethods not suitable for application in the THz range.
As an additional disadvantage, the material sample under test needs to be micro-machined
to accurately ﬁt the sample cell. Especially the not existing possibility (at least without
resorting to extensive measures) of shaping brittle or otherwise not machinable materials
small enough sets a limitation.
From personal experience of the author, even resonators which are of interest for com-
mercial PCB characterization (such as the Kent resonator or the Krupka variation thereof)
are rarely used for measurements higher than 40GHz.
NonresonantMethods. Most nonresonantmethods are broadband T/Rmethods [NR70;
Wei74; BJGG93], but usually offer less accuracy due to the lower quality factors of the
measurement systems being used. Typical uncertainties for permittivity determination are
within 1% to 10%, while the dielectric loss tangent can be measured with a typical reso-
lution of 10−2 to 10−3 [BJGG93]. Regardless of whether a specialized measurement cell is
required or not, methods based on coaxial [NR70; BJGG93; HHB16] or waveguide [Wei74;
BJGG93; STK16] technology are inherently limited in their applicability in the THz range:
Coaxial technology is merely available up to 110GHz. Multiple waveguides are required
for broadband measurements, as each one only covers its operational frequency range. In
both cases, most methods require the sample to at least partially ﬁt [WC17] the cross-
section of the coaxial (110GHz: 1.0mm inner diameter) or waveguide structure (WR-03,
220-325 GHz: 0.86×0.43mm2), which imposes the same restrictions concerning sample
fabrication and handling as discussed above for the resonant case. Again, some methods
use models speciﬁcally tailored for a certain application [HCP+15], add the requirement of
numerical calculations or are sensitive to errors such as connector repeatability [BVK90] or
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impedance mismatch [Bar86].
As amajor limitation for reﬂectionmeasurements in general, only one or two (i.e. S11, S22)
S-Parameters are processed, disregarding valuable additional information. In a T/R method,
all four S-Parameters are used during the calculation of the material parameters, meaning
all available information is utilized and can be used to relax the requirements for parameter
calculation, see Sec. 3.2.
1.1.2 SUMMARY AND MOTIVATION FOR METHOD DEVELOPED IN THIS WORK
The high quality factor or (equivalent) small bandwidth of resonant setups is certainly ben-
eﬁcial in terms of measurement sensitivity and accuracy, but limits the broadband oper-
ation of these setups severely. Reﬂection methods only utilize a part of the available in-
formation during measurement, since any information on transmission is disregarded or
not measured at all. T/R methods based on conventional technologies such as coax are
not suitable for measurements in the THz range, while waveguide-based measurements
require additional measurement effort as several waveguide sets are required for broad-
band measurements. Most methods have in common, that specialized measurement cells
are required, which become very cumbersome to fabricate due to the decreasing dimen-
sions with increasing frequency and demand precisely micro-machined sample sizes. This
effectively renders most of these methods infeasible at THz frequencies.
Therefore, broadband material characterization in this work is carried out using a T/R
method in conjunction with planar TLs, which overcome the aforementioned issues: They
are inherently broadband and the upper frequency limit is only subject to the fabrication
process (i.e. minimum planar dimensions of TLs and height of substrate), outperforming
the aforementioned methods and systems in terms of frequency coverage. As only a mea-
surement of the S-Parameters of TLs on a substrate or a MUT on top of this substrate is
required, no further development of a specialized measurement cell is necessary. Since
a custom calibration technique and precisely placeable on-wafer probes are used in this
work, impedance mismatch as well as connector reproducibility is no issue. The applied
theory consists only of permittivity theory, wave propagation theory and transmission line
theory and does not require any specialized model or speciﬁcally tailored equations. The
method itself can be implemented easily using a programming framework of the reader’s
choice and does not require extensive computational effort.
1.2 RESEARCH GOALS AND CONTRIBUTION OF THIS WORK
The main goal of the research presented in this work is to develop a measurement method
and setup to perform broadband, dielectric material characterization up to THz frequencies.
In this regard, the investigation is focused on the following aspects:
• Analysis and combination of various theories (i.e. permittivity theory, wave propaga-
tion theory and transmission line theory) to develop a comprehensive method for
material parameter determination from S-Parameter measurements of unloaded and
loaded planar transmission lines.
• Implementation of a measurement setup and methodology, which enables accurate,
repeatable measurements and testing of the developed method. The achieved mea-
surement uncertainty should not exceed the typical range for nonresonant methods.
• Measurement of several materials to cover a wide range of permittivities and tech-
nologies to serve as proof-of-principlemeasurements and emphasize the applicability
of the developed method.
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• Uncertainty analysis and comparison of measurement results against each other as
well as reference data known from literature to evaluate the developed method.
Besides the avoidance of the discussed limitations, the developed method will enable
broadband characterization of (substrate) materials up to THz frequencies, which is other-
wise not readily available given the methods known from literature. This is a critical task
to enable a proper material choice for any THz application, as a readily available measure-
ment setup allows for characterization of and decision on a material platform dependent
on the actual requirements of the application. Accurate, repeatable measurements of such
kind will allow for higher design accuracy during implementation of these applications and
thus increased performance thereof. Both the material permittivity as well as dielectric loss
tangent will be provided.
Integrating the developed method in other labs performing THz or corresponding mea-
surements should easily enable other researchers to perform related material characteri-
zation. Only the measurement equipment to enable THz measurements, which is most
likely available at these labs anyway, is necessary. To the best of the author’s knowledge,
no such method or documentation giving a comprehensive approach to this topic exists so
far.
1.3 ORGANIZATION OF THIS DISSERTATION
Following the structure of the research goals given above, this thesis is structured as fol-
lows:
In Ch. 2 to Ch. 4, permittivity, wave propagation and transmission line theory is analyzed
and adapted to the requirements of this work: In Ch. 2, both a traditional deﬁnition and
derivation of the permittivity from the Maxwell equations is given together with a phe-
nomenological explanation of the related physical effects. The overall frequency response
is discussed as well as causality constraints for real materials. In Ch. 3, wave propagation
theory is used to develop the T/R method used in this work. This chapter mainly addresses
the extraction of effective parameters from S-Parameter measurements. In Ch. 4, the pre-
viously presented theory is adapted to planar transmission lines. Transmission line theory
is discussed to establish regions of operation and the necessary equations for correction
of internal inductance and surface roughness related effects.
In Ch. 5, the measurement approach is developed, which ultimately covers the method-
ology and methods for parameter mapping. This includes the general measurement ap-
proach, development of the aforementioned theories into a comprehensive method as
well as discussion of the mapping procedure and loss estimation.
In Ch. 6, the different measurement setups (planar, free-space and waveguide-based)
and procedures developed and used in this work are presented. This includes a discussion
of the calibration technique as well as selected aspects of wafer probing.
In Ch. 7, the measurement results for the unloaded case are given (PCB substrates up
to 67GHz, on-chip substrates up to 500GHz). This includes a general method evaluation
and uncertainty analysis based on PCB measurements, an evaluation of different surface
ﬁnishes and the inﬂuence of nickel as well as a comparison of measurement data to refer-
ence values known from literature.
In Ch. 8, the measurement results for the loaded case are given (planar measurements
up to 220GHz, free-space measurements up to 67GHz). This includes a discussion of
changes to the uncertainty analysis for the planar measurements, cross-comparisons of
own measurement results as well as a comparison to reference values known from litera-
ture.
Ch. 9 concludes this work and outlines further research.
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2 UNDERSTANDING PERMITTIVITY
In this chapter, the traditional deﬁnition of permittivity is given, followed by its derivation
from the Maxwell equations. Subsequently, the physical effects related to permittivity such
as conducting and oscillating particles inside matter are discussed and phenomenological
explanations thereof given. Conclusively, this leads to the overall frequency response and
a discussion of the connection of real and imaginary part of the permittivity due to causality
constraints.
The information for the explanations given in Sec. 2.3 are mainly taken from [vHip54;
Föl18].
2.1 TRADITIONAL DEFINITION
Considering a bulk material, which is subject to an applied electric ﬁeld E, there are two
possible interactions of the ﬁeld with the media [Föl18]: First, the applied ﬁeld can align
electric dipoles already present in the material. Second, the applied ﬁeld can induce addi-
tional electric dipoles inside the material and align them according to the ﬁeld’s direction.
In reality, most materials show a combination of both interactions. The total effect of an






which is the vector sum of all individual dipoles p present in the material divided by the
Volume V of the material. Using this formulation, the polarization P can be understood as
a volume-independent and macroscopic quantity, even though a ﬁnite number of micro-
scopic dipoles is the cause of the overall effect described by it.
Each dipole can be described by a dipole moment
p = qd, (2.2)
where q denotes the charge and d the distance vector, see Fig. 2.1. By deﬁnition, the di-
rection of the dipole moment is drawn from the negatively charged part of the dipole to
the positively charged one and thus in contradiction to the usual convention for denoting
ﬁeld lines (i.e. electric ﬁeld lines are usually drawn from a positive to a negative poten-
tial) [vHip54; Föl18].
The polarization law
P = ε0χeE, (2.3)










Figure 2.1: Dipole moment p ( ) of two opposing charges ( ) of same magnitude. An
applied external electric ﬁeld ( ) introduces a force F ( ) to both charges,
which results in a torque T ( ) of the electric dipole (ﬁgure after [vHip54], Part
I, Fig. 2.5).
where ε0 is the vacuum permittivity, χe the dielectric susceptibility and E the electric ﬁeld,
gives a linear relationship between the polarization and the ﬁeld strength. It can be under-
stood as the dielectric equivalent to Ohm’s law, which states a linear relationship between
conduction current and applied voltage (which is proportional to ﬁeld strength). The polar-
ization law is a generalization from experiments and thus an empirical law and not to be
confused with a law of nature (the same is true for Ohm’s law) [Föl18].
The overall polarizability of a volume can be expressed in terms of the electric displace-
ment (or electric ﬂux density)
D = D0 + P = ε0E + ε0χeE = ε0(1 + χe)E = ε0εrE = εE, (2.4)
where D0 = ε0E covers the electric displacement in vacuum (i.e. without any material
present) and the polarization P accounts for the additional displacement introduced by the
presence of the material and its dipoles (already existent or induced). Taking a closer look
at Eq. 2.4 given above, it makes sense to deﬁne a relative permittivity given as
εr = χe + 1, (2.5)
which can be understood as a material parameter describing the relative amount of addi-
tional displacement with respect to the displacement of vacuum. The overall permittivity
can then be written as
ε = ε0εr = ε0(1 + χe). (2.6)
Since for χe = 0 ⇒ εr = 1 ⇒ ε = ε0, the application of the deﬁned material parameters
follows the separation as already given by D0 and P: The dielectric susceptibility (or P) cov-
ers only the additional displacement introduced by the material, while the permittivity (or
D = D0 + P) describes the overall effect, taking into account the displacement introduced
by an electric ﬁeld in vacuum as well. The material parameter associated with the polariza-
tion P is the dielectric susceptibility χe, while the parameter associated with the overall (or
relative) electric displacement D is the permittivity ε (or relative permittivity εr).
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2.2 DERIVATION FROM THE MAXWELL EQUATIONS
Considering a transverse electromagnetic (TEM) wave propagating through a homoge-
neous, isotropic and otherwise dispersive and lossy material, the time-harmonic version
of the Maxwell-Ampére equation
∇ × H = Jtot = Ji + Jc + Jd (2.7)
is used in the following to derive the most general expression for the complex permittivity.
This expression will then be used to rewrite the given Maxwell-Ampére equation to deﬁne
and discuss the related current densities in more detail. H represents the magnetic ﬁeld
and ω the angular frequency. The total current density2 is deﬁned as Jtot and the impressed
(source) current density is given by Ji. The conduction current density can be written as
Jc = σE, (2.8)
where E represents the electric ﬁeld and σ the electric conductivity3. The displacement
current density is given as
Jd = jωD (2.9)
with the electric displacement ﬁeld deﬁned as
D = εE, (2.10)
where ε denotes the permittivity.
Given a TEMwave propagating through amaterial as assumed above, a complexmaterial
permittivity
ε = ε′ − jε′′ = ε0εr = ε0(ε′r − jε
′′
r ), (2.11)
can be deﬁned, where ε0 stands for the vacuum permittivity and εr for the relative permittiv-
ity of the material. The primed and double primed characters denote the real and imaginary
parts of the related quantity. The real part covers wave propagation effects such as phase
shifts and dispersion, whereas the imaginary part accounts for dielectric loss within the
propagation media.
Combining Eq. 2.7 with Eq. 2.8 to Eq. 2.11 and assuming no electric current sources are
present in the material (Ji = 0) gives








σeq = σ + ωε′′ (2.13)
stands for the equivalent conductivity seen by any electromagnetic wave propagating
through the material, which consists of a term σ covering the "metallic conductivity" and a
term ωε′′ covering the "dielectric conductivity". The former relates to the collision of elec-
trons with other electrons and atoms, which occurs because of the movement of such free
ions inside the material and thus can be understood as the "traditional" or "metallic" con-
ductivity. The latter relates to loss due to motion respective heat, which occurs because of
polarization effects inside the material and is usually not covered by the traditional under-
standing of conductivity (these effects will be described in more detail in Sec. 2.3). Even
though the idea of covering the dielectric loss under the term "conductivity" might seem
counter-intuitive at ﬁrst thought, it is reasonable and agrees well with the general concept
2All current densities spoken of in the following are meant to be understood as electric current densities. For
the sake of simplicity and for ease of reading, the author omits the term "electric" in the following.
3The greek letter κ is often used in literature to denote the conductivity as well.
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of conductivity: Either case (metallic or dielectric conductivity) describes an effect respon-
sible for the loss of particles (or related energy) contributing to the conduction process
inside a material.
Keeping the above made deﬁnitions in mind, the traditional deﬁnition for the conduction
current density Jc in Eq. 2.8 as well as the displacement current density Jd in Eq. 2.9 seem
rather imprecise, since
Jd = jωD = jωεE = (jωε′ + ωε′′)E (2.14)
includes both an in-phase and thus conduction-related term ωε′′ as well as an out-of-phase
and thus displacement-related term jωε′. Consequently, it makes sense to re-arrange the
Maxwell-Ampére equation (Eq. 2.7) in a more generalized way and rewrite it as
∇ × H = Jtot = Ji + Jc,eff + Jd,eff, (2.15)
where
Jc,eff = σeqE = (σ + ωε′′)E,
Jd,eff = jωε′E.
Here, the effective conduction current density Jc,eff covers both conduction currents due
to "metallic" as well as "dielectric" conductivity and thus the related loss mechanisms,
whereas the effective displacement current density Jd,eff only covers the displacement
current related to the real part of the permittivity. In contrary to many textbooks giving im-
precise deﬁnitions for the current densities, the Maxwell-Ampére equation as given above
in Eq. 2.15 is the most general formulation arranging all described effects in a sorted man-
ner by separating the current contributions depending on phase.










= tan δc + tan δd. (2.16)










Considering a non-magnetic material (relative permeability μr = 1), the propagation con-
stant for a TEM wave is given as









r(1 − j tan δeff), (2.19)
where k stands for the wavenumber, μ0 for the vacuum permeability and c for the velocity
of light inside the material. Since the propagation constant is a complex quantity consisting
of a loss constant α and a phase constant β, it can also be written as
γ = α + jβ, (2.20)
and by squaring Eq. 2.20 and separation into real and imaginary part afterwards, one ob-
tains the relations
Re{γ2} = α2 − β2, (2.21)
Im{γ2} = 2αβ. (2.22)
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These two equations can be combined with Eq. 2.19 and lead to relations for the real
















Since most dielectric materials are insulators and thus show σ ≈ 0, the approximation in
Eq. 2.24 is justiﬁed. The equations Eq. 2.21 to Eq. 2.24 are of prime importance for the
further development of the ideas presented in this work and will be used later on.
Even though this might be obvious to the reader, it has to be stated that the permittivity
derived here is a frequency-dependent parameter (no associated assumptions on the ma-
terial have been made at the beginning of this section, e.g. non-dispersive). The case of a
homogeneous, isotropic and otherwise dispersive and lossy material is the general case
for most of the materials discussed and measured in this work.
DEVIATION FROM TEXTBOOK DEFINITIONS
In common textbooks following the traditional approach for derivation of material param-
eters from Maxwell’s equations (i.e. σ is the only contribution to the conduction current
density), the differentiation between the two terms for tan δc and tan δd is usually avoided
and the loss tangent is simply given as tan δ = σωε′ =
ε′′
ε′ . In accordance with this deﬁnition,
materials are usually divided into two groups: Good dielectrics (i.e. σωε′ << 1) and good
conductors (i.e. σωε′ >> 1). This classiﬁcation is necessary, because of the missing differen-
tiation in the deﬁnition of the terms. Additionally, it seems reasonable, since the ratio given










Here, j only introduces a phase shift of 90° between both currents but otherwise leaves
the magnitude unchanged, thus Eq. 2.17 can serve as a reasonable ﬁgure of merit for the
above mentioned classiﬁcation, with σωε′ = 1 deﬁning the state of equilibrium between
"metallic" and "dielectric" loss of a material.
Even though this classiﬁcation might follow the traditional and intuitive approach of di-
viding most materials into conductors (i.e. metals) and insulators (i.e. dielectrics), it does
not cover materials not following this strict classiﬁcation. In the later part of this work,
effective parameter theory will be applied on planar transmission lines supporting wave
propagation. The resulting effective propagation media is made up out of a conductive part
(i.e. conductive microstrip) and a dielectric part (i.e. supportive, insulating substrate and
an air section above it), both modelled into an effective permittivity and loss tangent. This
effective media cannot be easily covered by the traditional approach. Therefore, it seems
reasonable to step back from this strict classiﬁcation and use the general formulation as
shown in the section above instead.
2.3 PHENOMENOLOGICAL DESCRIPTION
The dielectric susceptibility and thus relative permittivity of a material is dependent on
three major inﬂuencing factors [vHip54; Föl18; Jon99; KWT05; MM08]:
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• Frequency: The manifestation of a certain polarization mechanism (described in fur-
ther detail below) as well as its magnitude do change depending on frequency. From
the view of broadband RF or microwave applications, the frequency dependency of
the relative permittivity may be the most important inﬂuencing factor to be consid-
ered during the development of such applications (i.e. choice of proper materials). In
fact, the term "dielectric function" is often used in literature to denote the frequen-
cy-dependent dispersion described by ε(f ) or ε(ω). This stresses the importance of
the frequency dependency even further.
• Temperature: With altering temperature, the energy states of certain particles inside
the material as well as the structure of the material itself can change, which can have
an inﬂuence on the relative permittivity. This is especially of interest for applications
working in a broad temperature range. Additionally, the temperature dependency has
to be known during design of a certain application if it is supposed to work in an envi-
ronment, which may not be easily reproduced for characterization (e.g. a spacecraft
designed to work at extreme environmental temperatures).
• Structure: This can include the directional dependency of anisotropic materials, e.g.
layered PCBs with integrated glass ﬁbres for increased structural or thermal stabil-
ity (e.g. FR-4) or (semiconductor) crystals showing different structural geometry de-
pending on the direction of the crystal lattice a wave is propagating into. In cases like
these, the relative permittivity can be formulated as a tensor. Additionally, the struc-
tural dependency includes anomalies such as (regular) defects inside the material
(e.g. defects in a crystal lattice).
Most of the materials and applications used within the author’s lab work at a constant or
rather narrow temperature range, i.e. room temperature plus excess heat of the application
itself. Additionally, most materials used are homogeneous and isotropic at least in the
direction of application (i.e. direction of a wave propagating through the material). For both
reasons and to maintain the keen focus of this work, the author decided to explain only
the frequency dependency of polarization further in the following and refer to literature for
the other two inﬂuencing factors4: Concerning temperature dependency, a good overview
on the general principles can be found in [KWT05; MM08]. For the structural dependency,
the author suggests [vHip54] for further reading.
Even though a detailed discussion of the related effects is omitted, it should be noted
here that most materials typically show an increase in permittivity with increasing density
(number of dipoles per volume increases) and an decrease in permittivity with increasing
temperature (material expansion reduces number of dipoles per volume) [Ryy95; KWT05;
MM08].
2.3.1 OVERVIEW ON POLARIZATION EFFECTS
As has already been discussed above, permittivity in electromagnetics is a macroscopic
quantity, which describes the ability of a material to polarize in response to an externally
applied electric ﬁeld. From a different point of view, it can also be understood as the resis-
tance of a material to counteract the establishment of the electric ﬁeld inside of it. Even
though the parameter itself is of macroscopic nature, it is composed of a number of phys-
ical mechanisms related to the microscopic structure and characteristics of the material,
which can add up to the overall polarization of a material [Bal02; Föl18; vHip54]:
4Even though not related to the three discussed major inﬂuencing factors, moisture is of a certain interest
for many applications as well. The author refers to [MM08] for further reading.
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• Interface Polarization accounts for surfaces or interface boundaries (even inside a
layered material) that may be charged or otherwise contain permanent dipoles. If an
external electric ﬁeld is applied, these dipoles can be oriented or aligned to the ﬁeld
and thus contribute to the overall polarization. This polarization type is usually only
relevant at frequencies up to the low MHz range. In material science literature, it is
often alternatively referred to as Maxwell-Wagner effect [Jon99; MM08].
• Orientational (or Dipolar) Polarization can be found naturally in any material that
possesses permanent dipoles. In thermal equilibrium, these dipoles are randomly
oriented and thus do not contribute to the polarization of the material, since their
vector sum is zero. Only when an external electric ﬁeld is applied, the dipoles get
oriented and aligned and polarization takes hold. A good example for this kind of
material is water, since the H2O molecule with its associated charge distribution
represents such a natural dipole, which is why it is commonly chosen in literature to
explain related effects, see Fig. 2.3.
• Ionic (or Molecular) Polarization occurs for any material containing positive and
negative ions, which may be displaced when an external electric ﬁeld is applied. A
good example for this kind of material is any simple ionic crystal such as NaCl, see
Fig. 2.6.
• Electronic (or Atomic) Polarization describes the displacement of an atom’s nu-
cleus with respect to the center of charge of the electron cloud surrounding it when
an external electric ﬁeld is applied. Even though this mechanism of polarization is the
only one applying to every material, the noble gases with their atoms with a spherical
symmetry represent a good example to visualize the mechanism, see Fig. 2.7.
Some or all of the aforementioned mechanisms can act inside a material and add up to
the overall polarization. The three major polarization mechanisms orientational, ionic and
electronic polarization will be categorized and discussed in further detail in the following.
Since interface polarization is usually only taking hold at very low frequencies and is not of
further interest in this work, it is omitted, see [Jon99; MM08] for further reference on this
topic. To distinguish its effects from a polarization mechanism, a brief discussion of ionic
conductivity will be given as well.
2.3.2 CONDUCTIVE EFFECTS: IONIC CONDUCTIVITY
Ionic conductivity accounts for unbound, charged particles moving inside a material and
thus contributing to energy loss due to the externally applied electric ﬁeld. The particles
itself can be free electrons, which is the case for any metal, or simply unbound ions mov-
ing inside the material, e.g. along defects in the crystal lattice of a semiconductor. Since
the movement of ionic particles contributes to an electric current and does not introduce
a phase shift of the resulting electric ﬁeld inside the material, ionic conductivity only intro-






which was already included implicitly in tan δc = σωε′ in Eq. 2.16. Following the rigorous
deﬁnition of the permittivity as given in Sec. 2.2, ionic conductivity itself is not a physical
effect related to permittivity, since its physical nature is related to conductivity rather than
a polarization effect.
Assuming σ is constant with frequency (which remains true up to frequencies in the in-
frared range (> 1012 Hz), where metals become dispersive, see [Jac98]), ionic conductivity
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Figure 2.2: Frequency dependency of ionic conductivity.
is inversely proportional to frequency and negligible for sufﬁciently high frequencies, see
Fig. 2.2.
2.3.3 RELAXATION EFFECTS: ORIENTATIONAL POLARIZATION
Orientational (or orientation) polarization covers various relaxation effects and is the dom-
inant polarization mechanism in the RF and microwave frequency range. In recent litera-
ture and modern textbooks, it is more commonly referred to as "dipolar polarization", even
though this term obscures the nature of the effect: It covers the polarization due to orien-
tation of unbound and normally randomly oriented, permanent dipole moments according
to an externally applied electric ﬁeld. Orientational polarization is typically bound to the
mass and geometry of the microscopic molecules forming a macroscopic material, with
the most prominent representative surely given by the relaxation of the water molecule,
see Fig. 2.3. It will serve as illustrative example for understanding the effects covered by




Figure 2.3: Orientational polarization using the example of a H2O molecule: Electric dipole
moment ( ) due to molecular structure and electronegativity of the water
molecule (left) and randomly oriented, permanent dipole moments in a given
volume without externally applied electric ﬁeld, resulting in no net dipole mo-
ment of the volume (right, ﬁgures after [Föl18]).
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The molecular structure and electronegativity of the associated atoms form an electric
dipole, introducing a momentum to the molecule if an oscillating electric ﬁeld is applied to
it. Since the electric dipole is bound to the molecule and re-orientation with respect to the
applied ﬁeld takes some time, there is a delay between the application of the ﬁeld and the
dipole "tuning in" to the associated orientation. Therefore, a phase shift of the resulting ﬁeld
inside the material is introduced, which can be modelled in the real part of the permittivity.
Additionally, due to dissipation of heat caused by the friction of the molecule with other
molecules surrounding it, the loss and thus imaginary part increases. Both effects take
place with increasing frequency up to the point of resonance of the molecule, from where
on the effect decreases, since at a certain frequency themovement of themolecule cannot
follow the oscillation of the ﬁeld anymore, see Fig. 2.4.
This concept of dipolar polarization was ﬁrst introduced by Debye in 1912 [Deb12] and de-
veloped in 1929 [Deb29] into the in nowadays physics well-known equation for the dipolar
relaxation






ω→∞ εr = εr,∞, limω→0







where τ is the dipole’s relaxation time, fr the relaxation frequency and ω the angular oper-
ational frequency. The frequency dependency of the complex permittivity according to the
Debye relation as given in Eq. 2.27 is shown in Fig. 2.5. For real materials, it is feasible to
assume multiple poles (i.e. multiple geometrical resonances of the water molecule) and
not only one as shown above, which then add up to a combined response following the
Debye relation. This is done in the loss estimation presented later on in this work, see
Sec. 5.7. For the sake of simplicity and illustration purposes, the frequency dependency is
discussed with only one pole here.
For sufﬁciently high operational frequencies, the relaxation frequency (or relaxation time)
of the dipole is much lower (or higher) than the operational frequency (or period) of the ap-
plied electric ﬁeld. The dipole orientation cannot follow the oscillation of the external ﬁeld
f ≈ fr
E
fد fr or fذ fr
Figure 2.4: With an external electric ﬁeld ( ) applied, the normally randomly oriented,
permanent dipole moments ( ) in a given volume align according to the ﬁeld,
resulting in a net dipole moment of the volume. External electric ﬁelds with
different frequencies f (with respect to the relaxation frequency fr) result in a
varyingly strong response (ﬁgures after [Föl18]).
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(a) Linear scale. (b) Logarithmic scale.
Figure 2.5: Frequency dependency of the complex permittivity for orientational polarization
according to the Debye relation (relaxation effect) for a hypothetical material
resembling RO3850 (εr,∞ = 2.9, εr,0 = 3.2, fr = 20GHz).
anymore and remains random. Consequently, no loss due to polarization is introduced and
the permittivity at inﬁnity must be a real quantity. Following this chain of thoughts, the ori-
entational polarization is to be understood as a relaxation and statistical effect rather than a
resonance effect, which strongly distinguishes it from the ionic and electronic polarizations
discussed below.
Usually, relaxation time increases with increasing molecule size [KWT05]. The same
applies if the molecules carrying dipoles inside a material are bound to a surface or rigid
lattice inside the material. Due to these reasons, water is not only the most prominent
representative of orientational polarization as stated above, but also an inﬂuential factor
concerning materials: The volume percentage of humidity inside a material is a crucial
factor in altering its polarization capabilities and thus permittivity, since (unbound) water
molecules tend to increase permittivity and loss.
Since it is undesirable for almost any application in the RF and microwave range to oper-
ate near the Debye loss peak, most materials used in this frequency range (i.e. modern RF
PCBs such as [Rog16c]) are optimized to not include unbound dipoles of this kind or shift
the associated resonance to lower frequencies.
2.3.4 RESONANCE EFFECTS: IONIC AND ELECTRONIC POLARIZATION
For frequencies around the infrared and visible spectrum, ionic (sometimes referred to as
molecular) and electronic (sometimes referred to as atomic) polarization have a strong inﬂu-
ence on the permittivity. Ionic polarization is caused by a relative displacement of positively
and negatively charged ions inside a molecule, for example an ionic crystal such as NaCl,
see Fig. 2.6. Electronic polarization is caused by a relative displacement of the electron
cloud of an atom with respect to its nucleus, see Fig. 2.7. Since both effects are of the
same nature and can be described mathematically in the same way, they are summarized
in this section.
In contrast to orientational polarization describing a (statistical) relaxation effect, the ionic
and electronic polarizations are resonance effects by nature: Taking a closer look at the
atom depicted in Fig. 2.7, one can understand that if the nucleus and the mass centre of
the electron cloud are pulled apart by the applied external ﬁeld, a restoring force will be
observed, emerging to re-establish equilibrium. The same applies for ionic polarization, as






Figure 2.6: Ionic polarization using the example of a NaCl crystal: With no external electric
ﬁeld applied (left), the net polarization inside a given volume is zero, as adjacent
dipole moments ( ) of same magnitude cancel each other out. With external
electric ﬁeld ( ) applied (right), the magnitude of adjacent dipole moments




Figure 2.7: Electronic polarization using the example of a spherical atom: With no external
electric ﬁeld applied (left), the net polarization of the atom is zero, as the pos-
itive charge of the nucleus and the homogeneously distributed charge of the
electron cloud surrounding it cancel each other out. With external electric ﬁeld
( ) applied (right), the mass and thus charge distribution changes, resulting in
a net dipole moment ( ) of the atom (ﬁgures after [vHip54], Part II, Fig. 1.1).
polarization differ slightly due to the particle sizes and interactions involved, both mecha-
nisms follow the same general (resonant) characteristics. For the sake of simplicity, only
electronic polarization is discussed in more detail in the following.
The discussed effect can conveniently be described by a spring-mass system known
from classical mechanics, where the resonance frequency is dependent on the mass
of the electron cloud and lies usually in the infrared or visible light region (typically >
1012Hz) [Föl18; RWD94; vHip54] due to the small masses of the particles involved. Since
several electron orbits and other effects are involved, the different resonance frequencies
making up for the overall permittivity can be described as [NV89]







where ni is the number of electrons per volume with resonant frequency ωi , e is the charge
of an electron, me the electron mass, ω the angular frequency and αi the damping factor.
Far below the resonance frequencies, which is usually the case at microwave frequencies,
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Figure 2.8: Frequency dependency of the complex permittivity for ionic and electronic po-
larization (resonance effects) for a hypothetical material.
the permittivity becomes almost independent of frequency and can be described as [NV89]






indicating that the only contribution of the described effects is to the real part of the per-
mittivity. Even though the equations given here are derived for the case of electronic po-
larization, they can easily be adopted to the ionic case by simply replacing the charges
and masses by their ionic equivalents. Due to the higher mass of the ions involved, the
resonance frequencies are lower than in the electron case [Föl18; RWD94; vHip54].
The associated frequency response of the complex permittivity as given in Eq. 2.29 is
shown in Fig. 2.8.
2.4 SUMMARY AND OVERALL FREQUENCY RESPONSE
Relaxation-based effects covered by the orientational polarization are to be distinguished
from resonance-based effects covered by ionic and electronic polarization. An idealized,
frequency-dependent plot of the real and imaginary part of the relative permittivity of a hy-
pothetical material showing the qualitative characteristic including all the aforementioned
polarization mechanisms is given in Fig. 2.9. Even though textbooks showing comparable
ﬁgures often incorrectly include ionic conductivity, it is omitted here, due to the reasoning
given in Sec. 2.3.2.
Qualitatively, all aforementioned polarization effects are mainly bound to the different
masses (and geometries) of the particles involved, with molecules (orientational polariza-
tion), ions (ionic polarization) and electrons (electronic polarization) showing masses in de-
creasing order. Consequently, the relaxation or resonance frequencies of these effects
increase in that order, as less time is needed for displacement of a lighter particle.
Quantitatively, orientational polarization takes hold for frequencies mainly in the GHz
range (about 108 Hz to 1010 Hz), while ionic polarization occurs roughly at the frequen-
cies of lattice vibrations of associated materials (e.g. crystals) in the infrared to visible
range (1012 Hz to 1014 Hz) and electronic polarization covers mainly the visible to ultraviolet
range (1013 Hz to 1015 Hz) [vHip54; Föl18; RWD94]. For frequencies exceeding the ultra-
violet range (>1016 Hz) the real part of the permittivity is always equal to unity, while the
imaginary part is zero [Föl18].
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Figure 2.9: Schematic frequency dependency of the complex permittivity for the aforemen-
tioned polarization effects. Values beyond the given frequency range (i.e. down
to DC and up to inﬁnity) assume the respective boundary values.
For frequencies from DC (omitting interface polarization) up to the GHz range, the real
part remains almost constant at ﬁrst, which is the reason why permittivity has been called
"dielectric constant" in many textbooks on electronics and even RF over the last century. Al-
though the resonance frequencies of ionic and electronic polarization lie signiﬁcantly above
the microwave frequency range [vHip54; Föl18; RWD94], they are the dominant polariza-
tion mechanisms for dry solids [Föl18; CON+04]: Since the value for frequencies lower
than resonance remains almost constant, but is above unity, there is a strong contribution
in form of an offset to the real part of the permittivity in the microwave frequency range.
In the case of electronic polarization, this is especially dependent on the shape of the dis-
tribution of the electrons around the nucleus [Föl18]: A spherical distribution as assumed
above shows the weakest effect, as is the case for most noble gases with a permittivity
around unity. For semi-conductors utilizing covalent bonds in their crystal lattice, however,
the effect is very strong, explaining the rather high permittivities for most of the III-V semi-
conductors used nowadays.
Even though if not directly related to the permittivity and thus not shown in the ﬁgure
above, ionic conductivity and thus the loss inside the material decreases proportionally
with frequency from DC onwards, as the effect cannot follow the oscillation of the applied
external ﬁeld anymore. This may at ﬁrst sound slightly misleading to the reader, since
experience shows that while measuring any kind of electrical structure (e.g. on a PCB)
in this frequency range, the overall loss still tends to increase with frequency. As will be
shown later on, this is mainly due to increasing conductor loss of the metals being used
(e.g. traces on the PCB), which is not to be confusedwith an actual increase of the dielectric
loss of the material (e.g. the PCB substrate).
2.5 CAUSALITY AND KRAMERS-KRONIG RELATIONS
From a mathematical perspective, the real and imaginary part of any complex function is
related through a Hilbert transform as long as the underlying complex function is causal
and linear. Since these two general conditions must be satisﬁed for any real material, the
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so called Kramers-Kronig relations [Böt78]

































connect the real and imaginary part of the complex permittivity as shown here (see [Böt78]
for a comprehensive derivation of these equations from ﬁrst principles). As a consequence,
these equations imply
ε′r ∝ ε′′r , (2.35)
so that the imaginary part of the permittivity can be calculated if the real part is already
known and vice versa, which will be used in the later part of this work. A few major conse-
quences for the general characteristics of causal materials can be drawn from the Kramers-
Kronig relations:
• For ω → ∞, ε′r(∞) → 1 and ε′′r (∞) → 0.





′ and ε′′r (0) → 0.
Following this chain of thoughts, every causal material must obey the following rules:
• There cannot be any material without dispersion. Assuming ε′r = const. for all fre-
quencies, it would follow ε′′r = 0 from Eq. 2.33, implying ε′r = 1 in Eq. 2.31.
• There cannot be any lossless material with ε′r 
= 1. For χe > 0, it would follow that
the imaginary part of the permittivity ε′′r cannot vanish for all frequencies.
Therefore, the only non-dispersive, losslessmedium can be perfect vacuumwith ε′r = 1 and
ε′′r = 0 for all frequencies. As an ultimate consequence this implies, that every dielectric,
polarizable material must show losses and vice versa. Since χe > 0, ε′r must decrease from
εr,static to unity with increasing frequency. Additionally, ε′′r must go through a maximum and
cannot vanish for all frequencies. It needs to be pointed out, however, that even though the
described characteristics have been observed in all materials measured so far by the author,
all the above given equations and discussed consequences thereof are of mathematical
origin only and not imposed by a law of nature.
As a general remark to Fig. 2.9, the author needs to clarify that the response of the
ionic conductivity is not compatible with the Kramers-Kronig relations: If ionic conductivity
would be included in the imaginary part of the permittivity, an associated response in the
real part would have to occur. Since the loss introduced by ionic conductivity and the real
part of the permittivity share no mutual physical source, there is no connection between
them and thus the given equations do not apply. This again and as already mentioned
underlines why ionic conductivity should not be included in the real part of the permittivity,




3.1 STATEMENT OF PROBLEM
The basic idea of the T/R method and a ﬁrst presentation of a closed-form solution dates
back to 1970 and has been introduced by Nicolson and Ross, originally presented as a
method for measurement of intrinsic material properties in the time domain [NR70]. A
few years later, Weir extended their representation to cover the frequency domain as
well [Wei74], which iswhy the underlying algorithm ismostly known as Nicolson-Ross-Weir
(NRW) method in today’s literature [CON+04; BVK90; dRB11; LSE11]. The method was in-
troduced in conjunction with the application on a coaxial transmission line. Even if not
clearly stated as such in the original work and as will be discussed in a later part of this
work, this approach can be extended to any kind of transmission line under certain condi-
tions.
The original NRW approach is discussed in section 3.2.2. A comprehensive and system-
atic analysis of the equations related to the T/R method is given in [BVK90] along with an
iterative approach for solving them, which is presented brieﬂy in section 3.2.3. A solution
for non-magnetic materials, which is used in this work as well, can be found in Sec. 3.2.4.
In the following, the general approach for derivation of the scattering equations is shown
and the traditional method for solving them presented.
First, an arbitrary TL as shown in Fig. 3.1 is considered, which is assumed to be perfectly
matched to the Ports at each side after calibration (S11 = S22 = 0 at Ports) as well as
reciprocal (S21 = S12 at Ports).
A sample of length l is placed inside the TL, completely ﬁlling the cross-section. Thus, the
TL can be separated into three sections, namely the two air-ﬁlled sections I and III of length
l1 and l2, respectively, and the sample-ﬁlled section II of length l. Assuming an incident
wave propagating from Port 1 towards Port 2, Γ is deﬁned as the reﬂection coefﬁcient and
T as the transmission coefﬁcient of the sample. The propagation constants of the air-ﬁlled










where k0 = ωc0 is the wavenumber with angular frequency ω = 2πf and c0 the velocity
of light in vacuum. The permittivity and permeability of the air-ﬁlled and sample-ﬁlled sec-
tions is given by ε0, ε = ε0εr and μ0, μ = μ0μr, respectively. Assuming a TEM mode of
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Port 1 Port 2
z IIIIII
Figure 3.1: Schematic view on arbitrary TL (a coaxial TL is chosen for illustration purposes
only) with deﬁned sections: Air-ﬁlled sections I and III are adjacent to the MUT-
ﬁlled section II.




























while the transmission coefﬁcient can be determined by
T = exp(−γl). (3.6)













which gives a way of calculating the sample permeability and permittivity from known T (or
γ, implicitly) and Γ, with γ0 already given as a constant. To solve the given equations, the
two complex unknowns (and thus four real unknown quantities) must be determined from
S-Parameter measurements. Solutions to this problem will be discussed in the following
sections.
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3.2 DERIVATION OF SCATTERING PARAMATERS AND SOLUTIONS
THEREOF
The analytical solutions for the S-Parameters can be found by solving the one-dimensional
boundary problem as given in Fig. 3.1. The electric ﬁelds associated with the regions I to
III can be described with forward and backward waves as
EI = exp(−γ0z) + C1 exp(γ0z), (3.9)
EII = C2 exp(−γz) + C3 exp(γz), (3.10)
EIII = C4 exp(−γ0z) + C5 exp(γ0z), (3.11)
where C1,...,5 are the coefﬁcients related to the boundary problem, which can be solved
by signal ﬂow theory. Since C1 = S11 and C4 = S21 are sufﬁcient to solve for the analytic
solutions of all four S-Parameters assuming isotropic materials, the other coefﬁcients can
be constructed from these two. The full derivation of the S-Parameter equations from
signal ﬂow theory is given in App. A.1. The explicit equations as derived there are
S11 = R21
Γ(1 − T 2)
1 − Γ2T 2
, (3.12)
S22 = R22
Γ(1 − T 2)
1 − Γ2T 2
, (3.13)
S21 = R1R2
T (1 − Γ2)
1 − Γ2T 2
, (3.14)
where
R1,2 = exp(−γ0l1,2) (3.15)
covers the reference plane transformations from the Ports to the boundary of the MUT.
The empty waveguide cell with overall length
l0 = l + l1 + l2 (3.16)
gives one additional equation
S21,0 = R1R2 exp(−γ0l0). (3.17)
3.2.1 STRUCTURE OF SOLUTIONS
The set of equations given in the previous section is to be understood as description of the
mathematical problem at hand: It already shows the analytic relation of the measured S-Pa-
rameters to the transmission and reﬂection coefﬁcients and thus the material properties
as given in Eq. 3.7 and 3.8. However, it does only give an implicit solution to the prob-
lem, not allowing for a direct expression of the material parameters in terms of measured
S-Parameters.
The relation of desired unknown quantities to the quantities determined by measure-
ment is as follows: As shown in Sec. 3.1, T and Γ are necessary for calculation of the
material properties. Both terms contain the complex εr and μr, additionally to the real
quantity l, which is necessary for calculation of T . The Eq. 3.12 to 3.17 introduce the
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additional real unknowns R1 (implicitly l1) and R2 (implicitly l2) for the reference plane trans-
formations. This makes up for seven unkown real quantities to be determined in total.
The Eq. 3.12, 3.13, 3.14 and 3.17 each describe one complex S-Parameter determined
from measurement, giving eight real quantities known from measurement. In addition to
Eq. 3.16, this makes up for nine real unknowns determined from measurement in total.
Because of that, the system of equations is overdetermined and can be solved in different
ways and combinations:
In Sec. 3.2.2, a derivation of a closed-form expression is shown, which gives a possible
solution to the stated problem. An iterative approach utilizing the over-determined system
of equations will be discussed in Sec. 3.2.3. A priori knowledge of l0, l1, l2 or even setting
μr = 1, which is a reasonable assumption formost PCB or on-chipmaterials used nowadays,
eases the mathematical problem even further. The latter simpliﬁcation is used in this work
and will be presented in Sec. 3.2.4.
3.2.2 CLOSED-FORM EXPRESSION: NRWMETHOD
Following the original approach as given by Nicolson and Ross in [NR70], ﬁrst a set of
auxiliary equations is derived, which then allows to express the desired quantities εr and
μr in a closed form. In contradiction to the only implicit, analytical solution as given above,
this results in a quasi-direct1 calculation of the material parameters from given S-Parameter
measurements.
For the solution of the relevant scattering equations as given in Eq. 3.12 and 3.14, the
sums and differences of the scattering parameters are formulated as
V1 = S21 + S11, (3.18)
V2 = S21 − S11. (3.19)















it can be shown that the reﬂection coefﬁcient may be obtained from the scattering coefﬁ-
cients, since
Γ = X ±
√
X 2 − 1. (3.22)
The sign is chosen so that |Γ| ≤ 1 for passive (i.e. causal) media. Using the determined Γ,





(S11 + S21) − Γ
1 − (S11 + S21)Γ
. (3.23)
The importance of this set of equations derived originally by Nicolson and Ross cannot
be overstated: It already supplies us with a tool to determine the reﬂection coefﬁcient
Γ as well as the transmission coefﬁcient T directly from measured S-Parameters. Even
neglecting the actual scope of their original paper, the given equations can be of great use
for anyone working with S-Parameter measurements.
1As will be shown in this section, a case analysis has to be done to ﬁnd the unique solution out of an inﬁnite
number of solutions. Therefore, the presented calculation is not strictly direct, even if related literature
often suggests this.
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Using Eq. 3.22 as well as Eq. 3.6 and assuming a mode of propagation with characteristic
impedance Zc (e.g. related to a coaxial transmission line as associated by Nicolson and














T = exp(−γl) = exp(−jk0
√
μrεrl), (3.25)

































which represent the original solution as derived by Nicolson and Ross. At a ﬁrst view, the
given closed-form expressions seem to allow for a direct calculation of the material param-
eters. However, this is not the case as will be discussed further in the following.
3.2.2.1 DISCONTINUITIES







it is directly dependent on S11. For well matched MUTs this equation becomes unstable, i.e.
|S11| → 0 so that X → ∞ and thus shows a discontinuity. In other words, the uncertainty in
phase measurement becomes large for a low reﬂection coefﬁcient. Since X takes part in
the calculation of Γ in Eq. 3.22, this translates directly into the term 1+Γ1−Γ in Eq. 3.27 and thus
the calculation of the material properties. It becomes evident, that the discontinuities are
directly linked to theway of calculating the reﬂection coefﬁcient, see Fig. 3.2. Unfortunately,
every MUT with a length of an integer multiple of a half of the wavelength will be matched
almost perfectly and thus show the described discontinuity. As a result, the NRW algorithm
is inherently unstable, showing the described resonance characteristics for samples (or
frequencies) sufﬁciently large.
In the past, this issue has often been avoided by measuring only small samples of the
material of interest, i.e. with a length smaller than a half of the wavelength. Obviously, this
approach is not suitable for application with increasing frequency (or increasing permittiv-
ity), since the sample size would get rather small, not even speaking of the necessary
micro-machining capabilities to reduce the sample size in that way.
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(a) Material parameters. (b) Cause of discontinuities.
Figure 3.2: Discontinuities in material parameters due to NRW algorithm (for MS with
length of 25mm on RO3850).
3.2.2.2 PHASE AMBIGUITY
Due to the ambiguous nature of the complex logarithm
ln(T ) = ln(|T |) + j(ϕ(T ) + 2πn), (3.31)
with n ∈ N, Eq. 3.28 becomes a multivalued problem with an inﬁnite number of roots. This
is physically reasonable, since the phase of the transmission coefﬁcient does not change
when the length of the material is an integer multiple of the wavelength. In their original
work, Nicolson and Ross proposed a comparison of the measured group delay with the
calculated group delay for any given solution to ﬁnd the correct and unique root for this











with n as stated above giving the number of the actual solution, λ0 as thewavelength in free
space and λc the cutoff wavelength of the mode travelling in the associated transmission








By performing a simple optimization procedure on a function such as
τg,n − τg = 0, (3.34)
the unique solution out of the inﬁnite number of roots for this problem can be found and
hence the material properties can be determined.
Even though this approach works just ﬁne, there is another way to resolve the phase am-
biguity: By using phase unwrapping and offset correction of the phase to ensure causality,
the unique solution or root can be found easily. First, the phase of a transmission coef-
ﬁcient in Fig. 3.3 is considered: For a causal material, the phase always has a negative
slope. If the material parameters are frequency-independent (or μr, εr = 1), the phase will
correspond to a straight line emerging from the origin. For frequency-dependent material
parameters, the slope might change in a non-linear way with increasing frequency, but the
point of origin is still the same, as for any causal system. This means, that after phase un-
wrapping, only a constant of 2πn with n ∈ N needs to be found to identify the phase shift
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Figure 3.3: By phase unwrapping and offset correction, the unique solution (solid black
line) can easily be distinguished from remaining solutions (dashed black lines,
for MS on RO3850).
correcting the overall phase so that it starts in the origin. By doing so, the related parameter
n as denoted in Eq. 3.31 and implicitly given in Eq. 3.28 can be determined directly.
To perform the offset correction, a value of the transmission phase at DC or at least a
good estimation of it is needed. Since most modern network analyzers do not perform
measurements at DC (a typical frequency at the low end of the measurable spectrum
would be 10MHz), it cannot be directly measured and thus needs to be estimated. Based
on the authors experience, all solid materials measured so far show an at least close-to-lin-
ear characteristics in transmission phase. An estimation of the DC value can thus be done
by ﬁtting a linear curve to the lowest frequencies measured and extrapolation to DC. Alter-
natively, a general curve ﬁt can be done (e.g. method of least squares) and extrapolated to
DC. In either case, the estimation approach is very tolerant to errors, since n is always a
multiple of 2π. Therefore, the DC value determined only needs to be closer to the correct
2πn than to the next one, which is given by 2π(n ± 1). This leaves a required accuracy in
determination of the ﬁnal offset value of π and thus plenty of range for errors or inaccurate
estimations (e.g. due to non-linearity of the phase), so that the error due to application of
the suggested correction should be negligible.
Besides that, an incorrect choice of n can be identiﬁed rather easily, since it produces
non-physical results for the permittivity, see Fig. 3.4:
Figure 3.4: Correct root choice ( ) produces physically reasonable result for the substrate
permittivity compared to incorrect root choices (for MS on RO3850).
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The incorrect phase shift associated with the wrong root choice introduces divergent
characteristics in the permittivity at DC. Additionally and depending on the sign of n, a
wrong root choice can also cause the calculated permittivity to show zero values. Both
observations are certainly not physically reasonable and can thus be used to identify an
incorrect root.
Additionally, one could even think of implementing a root search algorithm using the
stated problem to ﬁnd the correct root: Since the calculated results for the permittivity
converge to the correct one with the root choices converging to the correct n, a search
algorithm or simple optimization routine for calculation of the unique root could be imple-
mented. The only constraint for this approach is a sufﬁcient amount of measurement data
in the frequency range of convergence, i.e. around DC. A similar idea exploiting optimiza-
tion of the measured S-Parameters directly will be presented in Sec. 3.2.3.
3.2.3 ITERATIVE SOLUTION
As mentioned in Sec. 3.2.2.2, a unique solution can also be found by an optimization proce-
dure, searching the correct root by comparing the measured and calculated data. Instead
of taking only the root choice into account and compare it with the resulting data for the
calculated permittivity, it seems more reasonable to compare S-Parameters and calculated
data directly: This assures to ﬁnd not only the correct root, which could possibly be con-
structed by virtual (i.e. mathematically constructed) S-Parameters as well, but also to ﬁnd
the root matching the measured and physically reasonable S-Parameters uniquely.
As stated in Sec. 3.2.1, the system of equations at hand is overdetermined, since there
are more real quantities known from measurement as unknown quantities to be deter-
mined. Depending on the a-priori information that is available, such as the knowledge of
geometrical parameters (l, l1, l2), different combinations of the given equations can serve
to reduce the complexity of the model for an iterative root search or optimization routine.
One prominent equation for non-magnetic materials is given as follows [BVK90]:
1
2
[(S12 + S21) + β(S11 + S22)] =
T (1 − Γ2) + βΓ(1 − T 2)
1 − T 2Γ2
(3.35)
Besides the additional computational effort required for calculation, the main limitation
of this approach is that it requires a proper choice of a suitable set of equations for opti-
mization as well as the introduced constant β to produce a stable solution. Usually, β is
varied with sample length, uncertainty in scattering parameters and the loss characteristics
of the material being measured, which requires a-priori knowledge of the material inves-
tigated [BVK90]. Additionally, experimentation with the possible combinations of available
equations and parameters involved is necessary to ﬁnd a suitable combination for any mea-
surement. Due to the non-general approach of this method, this approach has not been
followed in this work.
3.2.4 SOLUTION FOR NON-MAGNETIC MATERIALS
As discussed above, the discontinuities inherent to the NRWalgorithm are directly linked to
the way of calculating the reﬂection coefﬁcient, manifesting in the transmission coefﬁcient




ln(T ) = −jk0
√
μrεr. (3.36)
Consequently, if both the permeability and permittivity are to be determined, the dis-
continuities will translate into both parameters due to the coupled equations as given in
Eq. 3.27 to 3.30.
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Figure 3.5: Method used in this work: Arrows indicate calculation steps with relevant sec-
tions on the left and corresponding ideas on the right side of the arrow.
Since decoupling of the given equations is not possible, one of the material parameters
can be chosen to unity, so that the other one can be determined directly, avoiding the








where only the previously discussed phase ambiguity remains to be resolved if l and T are
known from measurement2.
3.3 SUMMARY AND METHOD USED IN THIS WORK
For the convenience of the reader and the sake of understandability, the procedure for
permittivity extraction as used in this work is summarized in a ﬂowchart, see Fig. 3.5.
As a major difference to the theory presented before, the permittivity is not directly ex-
tracted from the transmission coefﬁcient as suggested by the traditional NRW method
and shown in Eq. 3.37: The original NRW method inherently assumes a TEM mode prop-
agation, which is reasonable taking into account that it has been developed for coaxial
transmission lines. A TEM mode, however, may not be the operational mode depending
on the transmission line chosen for measurement (i.e. waveguide with TE or TM mode).
Considering the otherwise general approach of this method, however, it can be extended
to arbitrary transmission lines: The propagation characteristics are covered by the propa-
gation constant γ and the characteristic impedance Zc, since both parameters are coupled
2At this point, the reader could bring up the question, if the proposed approach still belongs to the T/R
methods, since the reﬂection information seemingly is disregarded. This is not the case, however, since the




in transmission line theory, see Sec. 4.2. Introducing the extra step for calculation of γ
from the transmission coefﬁcient (instead of calculating εr directly) allows any propaga-
tion model to be included in the procedure, as it can conveniently be modelled into γ. A
subsequent step allows for calculation of the permittivity from the given model for the
propagation constant using the general permittivity equations as given by Eq. 2.23 and
Eq. 2.24.
Additionally, the integration of the propagation constant in the procedure allows for ex-
traction of the permittivity directly from calibration under certain conditions as will be dis-
cussed further in Sec. 6.2.
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In this chapter, the previously presented theory is adapted to planar TLs, and guidelines to
avoid higher order modes are presented. Subsequently, a TL theory is used to establish
a hierarchy of regions for TL operation, including a discussion of limiting factors such as
internal inductance and surface roughness. Conclusively, the overall current distribution
and propagation characteristics of planar TL are given.
The information presented in Sec. 4.1 has already been published by the author and is
quoted verbatim from [SKP15a]. Some of the information presented in Sec. 4.2 has already
been published by the author and is taken in part from [SP19].
4.1 ADAPTION OF THEORY TO PLANAR TRANSMISSION LINES
The theory presented for the T/R method only applies under the assumptions given in
Sec. 3.1 on the statement of the problem, namely only a single mode of operation is
present, which propagates through a homogeneous material. These two assumptions are
clearly fulﬁlled for the case of e.g. a coaxial cable or rectangular waveguide, whose cross-
sections are completely ﬁlled with a sample of a material under test.
This cannot be satisﬁed in a straight manner by a planar TL: Except for stripline, planar
transmission lines such asmicrostrip (MS) and (grounded) coplanarwaveguide ((G)CPW) do
usually show an inhomogeneous cross-section consisting of a layered buildup of multiple
dielectrics, i.e. a dielectric substrate and air above it.
Nonetheless, most lines of this kind can be assumed to work in a quasi-TEM mode,
meaning the ﬁeld components in longitudinal direction are existent, but negligible in com-
parison to the transverse components [Hei93]. This assumption is valid as long as the
cross-sectional dimensions of a planar transmission line are small compared to wave-
length [Hei93], which is the case for all transmission lines and the associated frequency
ranges measured in this work. Application of effective parameter theory allows for mod-
elling of a homogeneous cross-section, as long as single mode operation is maintained
and higher order modes are sufﬁciently suppressed. In this case, εr and μr in all equations
given so far are replaced by the effective parameters of the TL’s equivalent cross-section
εr,eff and μr,eff, respectively, see Fig. 4.1 for the example of a MS consisting of non-mag-
netic materials.
Even though the explanations above were only given for the special case of planar trans-
mission lines, they are adaptable to transmission lines of arbitrary structure. The only con-
straints are, that effective parameter theory can be applied and a single mode of operation
is maintained. For the special case of planar transmission lines, higher order modes are
discussed in the following. The equations given there can serve as design rules to avoid
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Figure 4.1: Effective parameter theory allows for modelling of a planar TL (substrate per-
mittivity εr,sub, conductor and superstrate permittivity εr,air) with a homoge-
neous cross-section (effective permittivity εr,eff) as long as single mode opera-
tion is maintained.
multi-modal characteristics for such lines, which is especially important for measurements
in the THz range.
Besides the fundamental quasi-TEMmode, several types of higher ordermodes in planar
TLs exist. Since to the best of the author’s knowledge no literature giving a comprehensive
overview on this topic exists so far, they will be brieﬂy discussed in the following. For
further literature, the author refers to [RMF90; God92; Hof87; HST00; STH03].
4.1.1 SURFACE WAVES: GROUNDED DIELECTRIC SLAB MODES
Concerning all planar TLs employing a dielectric-conductor interface (e.g. MS, (G)CPW1),
even the fundamental modes can always radiate power into the substrate: Even though the
mode itself is propagating and not evanescent, it is not perfectly conﬁned by any shielding
or otherwisemetallic boundary, so that radiation due to fringe ﬁelds at the conductor edges
may occur.
Besides that, grounded dielectric slab modes propagating alongside the aforementioned
interface can be an issue, as coupling with the desired fundamental mode can take place.
As a consequence, these modes could introduce resonance effects and increase loss due
to leakage. They are often referred to as so called surface waves, as the ﬁeld strength of
these modes is at maximum at the dielectric-conductor surface and decays exponentially
outside the dielectric slab [God92], see Fig. 4.2:
Assuming a dielectric slabwith TE and TMmodes propagating, a conductive layer is intro-
duced at half the height of the dielectric slab, which basically models the aforementioned
dielectric-conductor interface as present in any planar TL. With this conductive boundary
condition introduced, the even TE and odd TM modes are not supported anymore, so that














where n ∈ N0 and h denotes the height of the dielectric slab, which is the substrate height
for a related TL. As can be seen from these equations, the TM0 mode has zero cutoff
1For the following explanations, both CPW and GCPW with ﬁnite top ground width are assumed.
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Figure 4.2: Conductive boundary ( ) suppressing even TE and odd TM modes in a dielec-
tric slab (after [God92], Fig. 1).
frequency and thus is propagable simultaneously with the fundamental quasi-TEM mode
of the TL. Coupling from the fundamental mode to this ﬁrst surface wave and thus leakage







which gives a useful relation for TL design.
Besides that, discontinuities along the line can always introduce coupling with the TM0
mode and unwanted radiation or loss. In addition, surface waves can be reﬂected at the
substrate’s boundaries or conductive structures along the mode’s propagation path, which
could introduce standing surface waves. This might introduce a slight ripple in the attenu-
ation characteristics and is especially true for MS or similar parallel plate modes [Hof87].
4.1.2 SUBSTRATE MODES: TRUE HIGHER ORDER MODES
For TLs with two conductive boundaries (such as MS or GCPW), higher order substrate
modes form another group of undesired modes. They propagate in-between the structure
given by the top and ground metallization, which can be seen as a parallel plate TL, and
thus they are often referred to as parallel plate (PPL) modes [HST00].
For MS, these modes are - besides the other, parasitic modes - the true higher order
modes of the fundamental MS mode, see Fig. 4.3a to Fig. 4.3c. They exist in lateral direc-







where weff stands for the effective strip width of the MS conductor. Due to fringe ﬁelds in
the air and near the corners of the top metallization, not all of the ﬁeld is conﬁned in the
substrate. The effective width and permittivity corrects for this effect in comparison to an
ideally conﬁned PPL mode and therefore has to be taken into account here.
For GCPW, two different substrate modes exist [HST00]: A PPL mode very similar to the
higher order MS modes, see Fig. 4.3c, and a mode in the substrate height direction, see
Fig. 4.3d. The PPL modes are given due to a difference in top and ground potential, which
is basically the same condition as for MS. Again, these modes exist in lateral direction
beneath the top conducting plane and have cutoff frequencies [STH03; Tis04]
51
4 Transmission Line Theory
(a) Fundamental MS mode. (b) First higher order MS mode (PPL mode) due
to widening of the central strip or increasing
the frequency.
(c) Arbitrary higher order MS mode. (d) Arbitrary higher order GCPW mode.
Figure 4.3: Schematic illustration of modes using cross-sectional view of MS, GCPW: Ar-
rows ( ) indicate electric ﬁeld vectors (neglecting fringe ﬁelds), lines ( )
indicate the wavelength of a wave propagating through the structure, bars and







where m ∈ N>0 and wtot denotes the total width of the GCPW top metallization including
strip, gap and ground width. This kind of higher order (PPL) mode can be understood in
the same way as for MS, if the top conductor area given by wtot is interpreted as effective
width weff of an equivalent MS strip, see Fig. 4.3c.








4.2 TRANSMISSION LINE THEORY: HIERARCHY OF REGIONS
Following traditional TL theory [JG03; Poz05; CON+04], any continuous TL can be de-
scribed by modelling all relevant contributions to its characteristics into a TL section of
inﬁnitesimal length, see Fig. 4.4. By doing so, the line itself can be understood to oper-
ate in a distributed fashion, characterized by an inﬁnite number of ﬁnite, lumped circuit
elements [JG03; Poz05]:





4.2 Transmission Line Theory: Hierarchy of Regions
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
Figure 4.4: Equivalent circuit model for a transmission line section of inﬁnitesimal length.
Primed variables are to be understood as per unit length parameters.
where R′, L′, G′, and C ′ stand for the RLGC parameters, namely the series resistance, se-
ries inductance, shunt conductance and shunt capacitance per unit length2. The imaginary
unit is given by j and ω = 2πf denotes the angular frequency. As already implied by these




G′ + jωC ′
(4.8)
and the propagation constant
γ =
√
(R′ + jωL′)(G′ + jωC ′), (4.9)
which will be referred to as the propagation equations in the following sections.
As can be seen here, the propagation constant γ and characteristic impedance Zc are
inherently coupled by the RLGC parameters3.
This small set of equations is already sufﬁcient do draw some general conclusions on the
characteristics of TLs operating in certain frequency regions of interest, which will be done
in the following sections. The general approach to transmission line theory as presented
there closely follows the chain of thoughts given in [JG03]. For the following analysis, it is
assumed that G′ ≈ 0 << R′, which is a reasonable assumption for any transmission line
with a low loss substrate and good isolation between signal and ground conductor. Addi-
tionally, the remaining parameters are assumed to be constant with increasing frequency
at ﬁrst, as long as not stated otherwise.
4.2.1 LUMPED ELEMENT REGION (DC)
Even though a transmission line is always a transmission line [JG03], it can be analyzed
and modelled as a lumped element instead of in a distributed fashion, as long as it is short
compared to wavelength. The deﬁnition of this length is not given by any law of nature
or the like and thus the critical length below such modelling is applied is chosen arbitrarily
and usually set to a quarter wavelength. Since the lumped element characteristics are of
no certain interest for the remainder of this work, is it not analyzed any further.
2For the sake of convenience, the term "per unit length" speaking of the RLGC parameters is is omitted in
the following.
3As an interesting remark and looking backwards at the theory given in Sec. 3.2.2, this coupling is of the same
mathematical nature as the transmission and reﬂection coefﬁcient (or the permittivity and permeability) are
coupled in the equations given there.
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4.2.2 RC REGION
Near DC and for low enough frequencies, it is reasonable to assume that all the RLGC
parameters remain constant. In this case, the series resistance can be approximated by
the DC resistance




with σ denoting the conductivity of the conductor and A its cross-sectional area. In the
case of MS and GCPW, this area would be given by the rectangular strip conductor on the
top of the substrate, assuming that there is no additional contribution by the DC resistance
of the return path in the ground conductor below the substrate, which is usually chosen
signiﬁcantly wider than the strip conductor on top for this reason.
For low frequencies and typical TLs, R′DC >> ωL
′, so that the inﬂuence of the series induc-























so that the TL’s characteristics are mainly determined by the DC resistance known from ge-
ometry and the shunt capacitance, which is why the associated frequency range is called
RC region. A few conclusions with practical relevance can be drawn from this set of equa-
tions: Since the real and imaginary part of the propagation constant are coupled and in-
crease with the square root of frequency, the loss and phase shift will behave accordingly.
Consequently, any TL operated in the RC range showing a certain attenuation will also
show a certain phase shift and vice versa, both increasing mutually with frequency.
These characteristics hold true unless the given assumptions are not valid anymore,





which marks the frequency at which R′DC = ωL
′ and can be understood as the upper bound-
ary of the RC region. Already at some frequency below this point, transition to the LC region
will set in, which will be addressed in the following.
4.2.3 LC REGION
With the operational frequency approaching fLC, the series inductance needs to be included
in the propagation equations again to model the transition from the RC region. For oper-
ational frequencies higher than fLC, ωL′ >> R′DC, so that the inﬂuence of the series re-
sistance will vanish in comparison to the series inductance, even if L′ is assumed to be





























4.2 Transmission Line Theory: Hierarchy of Regions
so that the TL’s characteristics are mainly determined by the series inductance and shunt
capacitance, which is why the associated frequency range is called LC region. A few prac-
tically relevant conclusions can be drawn from this set of equations: In comparison to the
RC region, the real and imaginary part of the propagation constant and thus the loss and
phase shift are decoupled and do not show a proportionality to the square root of frequency
anymore. The real part remains constant, while the imaginary part increases linearly with
frequency, meaning that any TL operated in the LC range will show constant loss and a
linear phase shift with increasing frequency.
The real part of the propagation constant is usually negligible with R′DC being small com-
pared to ω
√
L′C ′ for most practical TL realizations. Additionally, the characteristic imped-
ance is bound to only show a real value. Both facts are the main reason why the derived
equations for the LC region are traditionally given for "lossless" or "ideal" TLs in many text-
books on TL design and theory [JG03; Poz05].
4.2.4 SKIN EFFECT REGION







will reduce the cross-sectional area A effectively available for any current ﬂow, increasing
with the square root of frequency. The skin effect is not explained here, since a sufﬁciently
high number of suitable literature on this topic exists [JG03; Poz05; RD03]. The transition
frequency from the LC to the skin effect region is dependent on the cross-sectional geom-





if a MS is assumed with a thickness t of two skin depths (i.e. current is ﬂowing through
top and bottom surface). Even though the explicit equation is different for other types of
TL, the order of magnitude remains the same.
For the skin effect region, the assumption of R′ ≈ R′DC is not valid anymore, since R′
must increase with increasing frequency as the effective cross-section is reduced due to
skin effect. The series resistance is then approximated by the AC resistance per surface
length given as













where the effective cross-sectional area Aeff = pδs is given by the conductors perimeter
and the skin depth. As can be seen here, the series resistance shares the frequency depen-
dency with the skin depth as it increases proportionally with the square root of frequency.
The correction factor kp stands for an additional increase in resistance due to the proximity
effect: At high frequencies, the current distribution gets concentrated on the surface fac-
ing the conductor providing the return path and thus introduces a non-uniform distribution
of current inside the conductor. It is clearly to be distinguished from the skin effect, which
only forces the current to ﬂow in the perimeter of the conductor, but does not alter the
current distribution in any other way.
The re-distribution of current inside the conductor does inﬂuence the series inductance
as well, which can be modelled as
L′ = L′ext + L
′





4 Transmission Line Theory
which consists of the external inductance L′ext as well as the contribution of the internal
inductance L′int and approaches the constant L
′
ext for ideally smooth conductors at high
frequencies, as L′int vanishes with increasing skin effect. The external inductance is to be
understood as the part of the series inductance contributed to the overall inductance, if
only the currents ﬂowing through the surface of the conductor would be considered. The
internal inductance is to be understood as the part of the series inductance contributed to
the overall inductance, if only the currents ﬂowing through the body of the conductor would
be considered. The skin effect can be included in the internal inductance by modelling it




Since both the increase in resistance as well as the decrease in internal inductance share
the skin effect as a common source for the observed effects, it is convenient to include
these characteristics as shown here. This equation is virtually equivalent to the assump-
tion Zs = (1 + j)RAC for the surface impedance Zs of a conductor made in various litera-
ture [ZDP+10; RD03].































These equations look very similar to the ones given for the LC region, with the only differ-
ence being that the constant DC resistance has been replaced by the frequency-dependent
AC resistance and the series inductance has been reduced to the external inductance. As
a consequence, the real part (i.e. loss) does not remain constant anymore, but increases
with R′AC with the square root of frequency, while the imaginary part (i.e. phase shift) still
increases linearly with frequency as in the LC region.
At this point, the skin effect is well established, so that current can be assumed to ﬂow
only through the outer surface of a conductor. For an ideal, smooth conductor, this means
that L′ reduces completely to L′ext. For a real, rough conductor, the skin depth will approach
the order of magnitude of the surface roughness with increasing frequency, which will be
discussed in the following section.
4.2.5 SURFACE ROUGHNESS REGION
With increasing frequency, the skin depth approaches the order ofmagnitude of the surface
roughness, which is usually introduced to a conducting surface as an undesired result of
the technological processes involved during fabrication. The surface roughness is usually
deﬁned by the root-mean-squared roughness Rq << t of a measured conductor proﬁle,
which can be used to deﬁne the transition frequency from the skin depth region to the





Accordingly, the series resistance














4.3 Summary of Overall Current Distribution and Propagation Characteristics
Figure 4.5: Magnetic ﬁeld encircled by the surface current ﬂowing on a rough conductor
and excited by the incident electric ﬁeld results in substantial surface induc-
tance, above and beyond that generated by the smooth surface skin effect
(taken from [HRR10], Fig. 7, © 2010 IEEE).
must be modiﬁed to include a correction factor ksr for an additional increase in resistance
due to surface roughness. For rough conductors and skin depths in the order of magnitude
of the surface roughness, current ﬂowing at the conductor surface cannot ﬂow in a direct
path anymore and needs to traverse the grooves introduced by the roughness, therefore
increasing the effective path length, see Fig. 4.5.
As a consequence, the loss increases by a substantial amount [Mor49] above the square
root dependency as shown in the skin effect region, and the additional length to be tra-
versed by the current introduces a phase shift. Additionally, the grooves along the current
path at the surface serve as distributed inductors, which increase L′ even further [HRR10;
SM11].
Consequently, this effect has an inﬂuence on the series inductance as well: For an ideal,
smooth conductor, L′ would approach Lext with increasing frequency. For non-ideal, rough
conductors, L′ will always remain above Lext due to the increase in L′ as discussed above.
It is reasonable to model this effect into Lint, since then Lext still deﬁnes the associated
"ideal" surface of the rough conductor. For this case, the propagation equations for the
skin effect region still hold, since usually Lint << Lext from the experience of the author.
Nevertheless, the aforementioned effects can still can have a considerable inﬂuence on
the permittivity determination as presented in this work, which will be discussed in further
detail in Sec. 5.4.
4.3 SUMMARY OF OVERALL CURRENT DISTRIBUTION AND
PROPAGATION CHARACTERISTICS
The discussed regions are mainly deﬁned by the current distribution established in their
frequency ranges, see Fig. 4.6 for the qualitative current distribution and Fig. 4.7 for the
qualitative propagation characteristics in the following. The qualitative propagation char-
acteristics are obtained using the previously presented theory for the TL regions for an
exemplary PCB.
For DC or very low frequencies, the TL can be modelled as a lumped element, showing
a homogeneous current distribution.
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Figure 4.6: Qualitative current distribution for MS and different TL regions (after [Shl07],
Fig. 2). Effective transition frequencies are dependent on actual TL layout.
(a) Characteristic impedance. (b) Propagation constant.
Figure 4.7: Qualitative propagation characteristics for an exemplary PCB.
In the RC region, the current distribution looks very similar to the lumped case, and
the propagation characteristics are dependent only on RDC and C ′. Loss as well as phase
increases linearly with the square root of frequency. It is usually in this region, where the
proximity effect starts to form in the ground conductor, which is typically signiﬁcantly wider
than the signal conductor. Since the increase in RDC due to the current concentration in
the ground conductor is negligible, this effect is not yet accounted for.
With increasing frequency, the LC region is reached, where the propagation character-
istics are only dependent on RDC and L′ and the skin effect begins to form. Additionally,
the current pushed to the perimeter of the signal conductor concentrates at the bottom
to face the return path provided by the ground conductor. In the LC region, loss remains
constant, while the phase increases linearly with frequency.
In the following skin depth region, which otherwise shows the same characteristics as
the LC region, both effects have established completely: The current is distributed only
in the perimeter of the conductors, while it concentrates on the surfaces between the
conductors. As a result, loss increases again due to the reduction of the effective cross-
sectional area available for current ﬂow.
With increasing frequency even further and due to the non-ideal conductor surfaces, the
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surface roughness region is reached, where the current needs to traverse the grooves intro-
duced by the roughness, which raises loss again. Additionally, a phase shift is introduced,
due to the increase in effective path length as well as in internal inductance: Since the
grooves on the surface serve as distributed inductors, they increase the inductance above
Lext, increasing the phase shift further than would be expected from an ideal, smooth con-
ductor. This effect is modelled in Lint in this work and further discussed in Sec. 5.4.
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5 MEASUREMENT APPROACH AND
METHODOLOGY
The theory presented for material characterization using TLs in general can be applied in
conjunction with planar TLs in two ways, see Fig. 5.1:
• First, the dielectric substrate of a planar TL can be characterized.
• Second, an arbitrary, solid material under test (MUT) can be placed on this transmis-
sion line and be characterized.
The ﬁrst step mainly focuses on determining the TL’s substrate permittivity and dielec-
tric loss, which includes corrections for an increase in internal inductance due to surface
roughness of the measured TLs, a mapping of the measured effective substrate permit-
tivity to the physical substrate permittivity and an estimation of the substrate’s dielectric
loss, which is otherwise concealed in the measurement of the TL’s total loss.
In the second step, a section of the TL characterized in the ﬁrst step can be loaded with
a dielectric, solid MUT. A subsequent de-embedding of the unloaded TL sections allows for
extraction of the effective permittivity of the loaded section. A mapping procedure similar
unloaded TL
loaded TL characterized MUT
characterized TL substrate
on-wafer probes
Figure 5.1: Overview of different measurement scenarios: Measurement of unloaded TL
for characterization of substrate material (top) and measurement of loaded TL
for characterization of MUT (bottom).
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5.1 Unloaded TL: Characterization of TL Substrate
to the one already applied in the ﬁrst step as well as a similar loss estimation can then be
used to characterize the MUT.
The measurement approach and methodology for both steps is explained in detail in
the following section, while the intermediate steps are discussed in detail in the sections
thereafter.
Some of the information presented in Sec. 5.3, Sec. 5.4 and Sec. 5.7.2 has already been
published by the author and is taken in part from [SP19; SHSP18].
5.1 UNLOADED TL: CHARACTERIZATION OF TL SUBSTRATE
1. A multiline Thru-Reﬂect-Line (mTRL) calibration technique with custom calibration
standards is used to calibrate the setup and cancel out the inﬂuence of measurement
ﬁxture and probe pads by shifting the reference plane onwards the TL. A discussion
of the mTRL calibration is given in Sec. 6.2. Then, the S-Parameters of the TL will
be measured and processed as discussed in Sec. 3.3, so that the effective substrate
permittivity εr,sub,eff and related propagation constant γ of the TL’s cross-section can
be extracted from the S-Parameters. The subscript "sub" is used to indicate that this
effective permittivity relates to the unloaded transmission line only. Since the main
inﬂuence on the effective permittivity here is the TL’s substrate itself, the term "ef-
fective substrate permittivity" will be used in the following to avoid any ambiguity
in terminology and clearly distinguish it from the effective MUT permittivity deﬁned
later on.
2. Due to surface roughness of the transmission lines involved in the measurement,
corrections for inductance related effects as a consequence thereof need to be ap-
plied before processing the data any further. Additionally, with the corrected effective
substrate permittivity as well as the TL’s static characteristics known, the characteris-
tic impedance of the TL can be determined under certain conditions. These aspects
will be addressed in detail in Sec. 5.3 and Sec. 5.4.
3. A subsequent mapping procedure allows to establish a connection between the cor-
rected effective substrate permittivity εr,sub,eff and the physical (non-effective) sub-
strate permittivity εr,sub of the TL’s substrate. The data necessary for the mapping
procedure is obtained by simulations with Ansys® EM HFSS beforehand, which can
consist of either the S-Parameters or the propagation constant, which will then be
processed in the same way as the measured values, allowing for a mapping of the
permittivity. Further details on the modelling and simulation part are given in Sec. 5.6,
along with considerations of dispersion models known from literature. At this point,
the substrate permittivity is determined.
4. The substrate loss remains to be characterized. The measurement only delivers an
effective substrate permittivity and total loss of the TL, which is constituted of several
sources. The dielectric loss of the TL’s substrate needs to be distinguished from
the different sources and extracted from the overall loss measurement. A detailed
discussion of this topic and a method for extraction of the dielectric loss will be given
in Sec.5.7.
5.2 LOADED TL: CHARACTERIZATION OF MUT
In a subsequent measurement step, the material under test (MUT) is put on top of the
TL. The TL now consists of three sections, see Fig. 5.2: Section I and III, which represent
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loaded TL loaded TL section
MUT onlyloaded TL section
I II III
Figure 5.2: Overview of measurement procedure for MUT characterization: The loaded TL
is measured and the MUT-loaded section de-embedded. The effective permit-
tivity εr,mut,eff of theMUT-loaded section can be obtained directly and ismapped
to the MUT permittivity εr,mut using simulations.
unloaded parts of the TLwith εr,sub already known from the characterization of the unloaded
TL, and section II, which represents the MUT-loaded section of the TL with an effective
permittivity εr,mut,eff. The MUT is characterized as follows:
First, after measuring the S-Parameters of the loaded TL (consisting of sections I to III),
these are used to calculate for the transmission coefﬁcient of the loaded TL using the
theory presented in Sec. 3.2. Then, a de-embedding procedure is applied, in which the
inﬂuence of the unloaded sections is excluded from the measurement of the loaded line.
For this, the propagation constant γ known from the ﬁrst measurement of an unloaded TL
is used to construct the transmission coefﬁcient of sections I and III with lengths lI = lIII:
TI,III = exp(−γlI,III) (5.1)
The transmission coefﬁcient of the total MUT-loaded transmission line TI−III is known from
measurement as
TI−III = TITmutTIII, (5.2)
where Tmut denotes the transmission line section II loaded with the MUT, which can then
be calculated as
Tmut = T −1I TI−IIIT
−1
III = exp(γldE)TI−III exp(γldE) = TI−III exp(2γldE) (5.3)
with ldE =
l−lmut
2 denoting the total length to be de-embedded from the measurement and
lmut the length of the MUT placed on the TL. By applying this overall procedure, the S-Pa-
rameters of section II can be isolated and used to calculate the effective MUT permittivity
εr,mut,eff.
Besides the de-embedding, the subsequent steps after the ﬁrst one remain the same
as the steps 2 to 4 as described for the unloaded TL before resulting in the physical MUT
permittivity εr,mut, with a few minor differences in their interpretation: The characteristic
impedance, which is determined in the second step, will relate to εr,mut,eff and thus the
loaded TL section II. The mapping procedure of the third step is more complex than for
an unloaded TL due to the additional degree of freedom introduced by the MUT, which
will be discussed in more detail in Sec. 5.6. As soon as εr,mut is determined, the loss
characterization as described in the fourth step can be applied in a similar way as for the
unloaded TL, see Sec. 5.7.
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5.3 COMBINATION OF PROPAGATION AND TL THEORY
In the following, the TL theory discussed in Sec. 4.2 is combined with the wave propaga-
tion theory derived for the T/R method given in Sec. 3.1. The propagation constant and
effective permittivity of the unloaded or MUT-loaded TL section are already known from
measurement, see Sec. 3.3. The transition from one theory into the other is marked with
an exclamation mark for the reader’s convenience.
Assuming a general TL operating well above the LC region and showing a quasi-TEM
mode of propagation, the propagation equations can be written as
γ =
√
(R′ + jω(L′ext + L
′
int))(G
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with c = 1√με for the velocity of light inside media and c0 =
1√
μ0ε0
for the velocity of light in













where the non-dispersive C0 represents C ′ for the case that εr,sub = εr,mut = 1 (free-space)
and L0 = Lext of the planar transmission line with ideal conductors (μr = 1, Lint = 0 for
frequencies well above fLC and no surface roughness present). Both L0 and C0 can easily
be determined by full-wave simulations around DC using Ansys® EM HFSS or any available
tool applying quasi-static approximations for impedance calculation of planar TLs.
As an interesting consequence to the equations given above, the material parameters
can be understood as correction factors if a material is present, with the Eq. 5.9 to 5.11











G′ + jωC ′
jωC ′0
, (5.8)
where the resulting real and imaginary parts are

















respectively. It should be mentioned, that no equivalent concept to internal inductance
exists for the shunt conductance as long as the conductivity of the TL’s conductor is suf-
ﬁciently high and charge can be assumed to concentrate solely on the conductor’s sur-
faces [JG03].
63
5 Measurement Approach and Methodology
5.4 CHARACTERISTIC IMPEDANCE AND INDUCTANCE-RELATED
EFFECTS
Using the combined theory presented in the previous section, the characteristic impedance
of the measured TL can be calculated. The propagation constant and effective permittivity


























where C0 or L0 and thus Z0 is found as described before. Knowing the propagation constant
from measurement and the characteristic impedance from calculation as shown here, the
RLGC parameters of the TL can be established as introduced in Eq. 4.7.
The increase in series resistance due to skin depth as well as roughness is already mod-
elled in R′AC and included in R
′ obtained from the RLGC parameters as stated above. How-
ever, the associated effect on phase is not accounted for in L′, as μr,eff ≈ 1 has been
assumed in Eq. 5.13 and Eq. 5.14 for calculation of the RLGC parameters. Taking a look at
Eq. 5.9 to Eq. 5.11, it becomes obvious that for μr,eff ≈ 1, L′int = 0 must follow. This models
all changes in phase originally related to L′int (e.g. surface roughness) and thus μr,eff into
the calculated εr,eff and thus C ′ instead of L′, which effectively reduces the measured L′
to L′ = L′ext and increases C
′ above its correct value. Since L′int and R
′
AC are related as
already shown in Eq. 4.19, the effective material parameters can be corrected as follows
[MWS92]:
μr,eff,corr =





where Eq. 5.7 is modiﬁed by substituting L′ext with the measured L
′ and L′int =
R′
ω . Using





which follows the propagation theory as given in Eq. 2.23 to Eq. 2.24 and allows for a
correction of εr,eff by μr,eff introduced through skin depth and surface roughness. An alter-
native formulation using the uncorrected effective permittivity known from measurement








The corrected effective permittivity can be used to re-calculate the characteristic imped-
ance as given in Eq. 5.14 and ultimately to establish the corrected RLGC-Parameters using
Eq. 4.7. See Fig. 5.3 for both the corrected and uncorrected values for L′ and C ′.
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Figure 5.3: Series inductance L′ and shunt capacitance C ′ per unit length after correction
(L′ , C ′ ) and before correction (L′ , C ′ ) for skin depth and surface
roughness related effects (for MS on RO3850).
5.5 INFLUENCE OF NICKEL PLATING
A similar inﬂuence deteriorating the results obtained for the effective permittivity can be
observed, if any magnetic material showing μr 
= 1 is present in the measured TL. This will
be discussed with the example of nickel in the following, as especially nickel is often used
as an intermediate layer in-between a copper and gold metallization:
While the copper is used as main conductor due to its good electric characteristics and
rather cheap cost compared to other highly conductive metals, a gold metallization is usu-
ally applied as a surface ﬁnish to prevent surface oxidation of the copper. Additionally, the
resulting gold surface ensures a good bondability compared to copper, which is a relevant
feature for many planar applications. Nickel usually serves as adhesive layer and provides
a diffusion barrier, preventing diffusion of gold atoms into copper and vice versa, which
would over time alter the properties of the overall conductor. In on-chip processes, nickel
is often used as an adhesion layer as well, which is placed in-between a planar substrate
and a copper layer to increase the cohesiveness of the copper to the substrate.
Even though the nickel in the aforementioned scenarios is usually applied in the form of
a nickel phosphorus alloy to counter its magnetic inﬂuence, a certain permeability remains.
Only very little literature on this topic exists so far, with several studies being summarized
in [Luc08]: Comparing these studies, there is only little consensus on the values for DC
resistivity as well as permeability of nickel. Summarizing the data given in [Luc08], nickel
shows a μr >> 1 (i.e. 50 to 600) at DC, a strong dispersion in-between 0.1GHz and 10GHz,
while μr has already decreased to a value slightly above 1 for frequencies higher than a few
GHz, see Fig. 5.4.
Even though the data given in Fig. 5.4 is not consistent over a broad frequency range
for the studies given, it clearly indicates the decrease in μr in the low GHz range. Referring
to [Luc08] for further details, themagnetic properties expressed by μr follow characteristics
much similar to the orientational polarization discussed in Sec. 2.3.3, while the associated
relaxation frequencies show values in the MHz to low GHz range.
As a consequence, an inﬂuence on the effective permeability and thus propagation char-
acteristics may still be observable with nickel present in any TL operating in the GHz range,
which will be discussed in further detail on own measurement data in Sec. 7.4.
Interestingly and as discussed in more detail in [SM11], a planar conductor buildup con-
sisting of nickel can show an additional resonance effect to occur in the low GHz range.
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Figure 5.4: Measured frequency characteristics of permeability of nickel from different
sources (taken from [Luc08], Fig. 1). X-axis denotes frequency in Hz.
5.6 MAPPING PROCEDURE AND SIMULATION
5.6.1 MOTIVATION
From measurement, only the effective permittivity of the unloaded TL and the MUT-loaded
TL section can be determined. To properly map the given values to the related physical
substrate and MUT permittivity, some kind of model or reference data is required, which
relates the measured effective values to the physical ones.
For the most relevant TLs with respect to applications such as MS, CPW and GCPW,
dispersion models have been proposed in literature over the last decades, originally being
developed to give design rules for a certain kind of TL. Typically, these models include
a mapping of εr,sub to εr,sub,eff. This mapping can, however, be exploited to perform the
permittivity mapping in reverse, since it is usually given as a quasi-analytic expression.
Often the modelling approach relies on sophisticated curve ﬁts, such as [KJ82] for MS,
[STH03] for GCPW or [Hei93] for CPW, which are subject to speciﬁc constraints on the
TL geometry, valid only up to a certain frequency and consist of an extensive system of
equations. Some of them are mere quasi-static approximations [GLK95; Gup96; Sim01],
which do not consider dispersion effects at all and tend to fail to make accurate predictions
for higher frequencies or broader bandwidths in general, for which every causal material
must show at least a small dispersion, see Sec. 2.5. Especially if the frequency is increasing
in the THz range, these models can only provide limited accuracy. Additionally and to the
best of the author’s knowledge, no accurate models to perform the permittivity mapping
for the MUT-loaded TL exist.
Over the last years, the author implemented and tested a variety of these models in
conjunction with the permittivity mapping: While some do not make reasonable predic-
tions at all, most of them do not even produce results that agree with each other. Only
the well-known model for MS proposed by Kirschning and Jansen [KJ82] and adaptions
thereof are able to provide convenient results for the MS TLs measured in this work, even
though small deviations to full-wave simulations still occur. For CPW or coplanar structures
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(a) Simulations indicate linear relationship be-
tween substrate permittivity and effective
substrate permittivity per frequency.
(b) Solution space for permittivity mapping of
MUT-loaded TL section. In contrast to the lin-
ear relationship for the characterization of the
unloaded TL, (two-dimensional) linear mod-
elling is not sufﬁcient to describe the ob-
tained surface.
Figure 5.5: Data for MS on RO3850, obtained from simulations with Ansys® EM HFSS.
Even though the data shown here is for PCB and the extent of the effect per
frequency varies strongly with TL geometry and substrate permittivity, the qual-
itative characteristic and presented idea is applicable for all different TLs and
substrates in this work (i.e. on-chip measurements as well).
in general, the models deviate signiﬁcantly and are often not able to predict the dispersion
correctly. For the special case of GCPW, no sufﬁcient model could be found at all1.
To avoid the issues using these models and to be able to accurately account for the
dispersion characteristics of any planar (loaded) TL at any frequency, full-wave simulations
are used in this work. The cross-section of the related TLs is modelled in Ansys® EM HFSS,
while the substrate and MUT permittivity are subject to a parameter sweep. Certain values
both for the substrate permittivity and the MUT’s permittivity are calculated for the given
geometry of a TL. The propagation characteristic contained either in the S-Parameters or
propagation constant obtained from simulations is then processed in the same way as the
measurement data to give an effective permittivity for the unloaded and MUT-loaded TL
section, respectively. Subsequently, a custom linearization and search algorithm allows for
a mapping of the measured to the simulated values and thus to ﬁnd the correct value for
the physical permittivity that ﬁts to the measured effective one. In this work, MathWorks
Matlab is used to perform a fast and easily implemented mapping of the permittivity as
explained in the next section.
5.6.2 MAPPING PROCEDURE
In the case of the unloaded TL, simulations show that there is a linear relationship between
εr,sub,eff and εr,sub per frequency, see Fig. 5.5a. Therefore, a simple linear ﬁt is sufﬁcient to





1Even though the model given in [STH03] has been implemented and checked multiple times by the author,
it did not produce any physically reasonable results.
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with m denoting the slope and n the offset of the linear increase. Any εr,sub,eff obtained by
measurement of an unloaded TL can thus be mapped to εr,sub of the measured substrate
per frequency.
Concerning the simulation of the MUT-loaded TL section, the effective permittivity of
the MUT-loaded TL section
εr,mut,eff ∝ εr,sub, εr,mut (5.19)
can be understood as a function of the substrate permittivity εr,sub and the MUT permit-
tivity εr,mut per frequency. Consequently, both the already determined εr,sub as well as the
εr,mut,eff obtained from measurement draw a solution space for εr,mut per frequency as
shown in Fig. 5.5b.
As can be seen in Fig. 5.5b, the solution space is of more complex nature than for the
unloaded case, i.e. cannot be modelled anymore by a two-dimensional linear model in
both the εr,sub as well as εr,mut,eff direction. Even though the shown example of a solution
space is rather ﬂat, this characteristic cannot be expected from any substrate, TL and MUT
combination.
A continuous model is generated by performing a weighted linear regression over the
simulated points making up the solution space. This way, a ﬁt for every frequency and
thus continuous solution space is generated, allowing for determination of εr,mut from any
given (εr,sub, εr,mut,eff) pair. This approach is valid as long as the ﬁt can be applied with
negligible error, which is true as long as the distances between the data points are kept
small enough. This can be assured by choosing a ﬁne resolution for the sweep of (εr,sub,
εr,mut) in the simulation.
As implied in Eq. 5.19 and shown in Fig. 5.5b, every εr,mut is determined by a pair of
(εr,sub, εr,mut,eff), while the special case of εr,mut = 1 refers to the unloaded TL. For any
other case, the relationship given in the equation above does not produce unique combi-
nations, however, since any εr,mut,eff could be the result of several (εr,sub, εr,mut) pairs. To
resolve this ambiguity, εr,sub needs to be determined before εr,mut is determined from the
solution space, so that the given pair relates uniquely to a εr,eff of the MUT-loaded TL sec-
tion. Fortunately and following the measurement procedure as described in the beginning
of this chapter, εr,sub is already known before determining εr,mut.
Even though not investigated any further in this work, the author supposes that a generic,
analytic model describing the solution spaces could exist and be found e.g. by complex op-
timization of the problem: As the case may be, there could exist simple analytic equations
describing the general shape of such solution spaces under certain constraints, e.g. only
for a certain type of TL or only for a certain interval of permittivity values. The author sus-
pects that comprehensive optimization could lead to clues about such a solution. In future
investigations, such an analytic solution could reduce the computational effort required to
solve for different permittivity combinations considerably.
5.6.3 SIMULATION: PRACTICAL CONSIDERATIONS
For determination of the effective permittivity values, the permittivity of the substrate εr,sub
as well as the MUT on top of it εr,mut are swept in a certain range, i.e. εr,sub = [2.5 : 0.1 : 3.5]
for a substrate permittivity assumed to show a value around 3 and εr,mut = [1 : 0.25 : 10] for
a wide combination of different MUT permittivities. From the experience of the author, the
step sizes given in the intervals are sufﬁciently low to fulﬁll the requirement of negligible
error of the ﬁt over the solution space as discussed before.
A modal solver using wave ports as excitations is used in the Ansys® EM HFSS simula-
tions, since this solver is able to ﬁnd multiple modes allowing for distinction of the desired
fundamental mode from undesired higher modes. Other excitations such as lumped ports
or a terminal-solution based solver are not sufﬁcient, since they only solve for a single
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mode, in which the effects of higher modes will be included in an indistinguishable fashion:
The single mode found by a lumped or terminal-based solver is Mode 1 in Fig. 5.6. As the
solver inherently assumes only the fundamental mode to be excitable in the port’s cross-
sectional structure, it would incorrectly model all higher mode’s characteristics present into
the propagation characteristics of this single mode.
Concerning the overall size of the model used for simulation, it is usually sufﬁcient to
solve only for the propagation characteristics per unit length (i.e. the propagation constant
γ and characteristic impedance Zc), which keeps the meshing and thus computational ef-
fort (i.e. calculation time) low. This again underlines the choice of a wave port for simulation,
since any other port will only give the S-Parameters and no propagation characteristics. If a
complete 3D solution including S-Parameters should be obtained (i.e. to check quasi-TEM
characteristics of the fundamental mode), it is sufﬁcient to choose the length of the mod-
elled TL to 100 um to keep computational effort low.
Concerning the size of the wave port used for simulation, see Fig. 5.7 in the following: It
needs to be chosen sufﬁciently large, so that the ﬁelds related to the fundamental mode
are covered by the port and do not extend its boundaries and the resulting solution is
converged, otherwise the calculated propagation characteristics could be inaccurate. If
the port size is chosen too small, the effective permittivity extracted is not converged and
shows a lower value than expected or simulation artifacts along the port boundaries can
(a) Propagation constant. (b) Effective permittivity.
Figure 5.6: Presence of higher modes corrupts simulation data and requires cumbersome
manual mode identiﬁcation (εr,sub = 3 and εr,mut = 6 for both ﬁgures).
hport,mut
(a) View on simulated cross-section. (b) Electrical ﬁeld of fundamental mode.
Figure 5.7: Port layout (left) with MUT (grey), substrate (blue) and conductors (orange) and
qualitative electric ﬁeld of fundamental (quasi-TEM) mode for properly chosen
port size (right, εr,sub = 3 and εr,mut = 6 for both ﬁgures).
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(a) Port size chosen too small. (b) Port size chosen too large.
Figure 5.8: Inappropriately chosen port sizes result in the simulation results being not con-
verged and simulation artifacts (left) or higher modes corrupting the simulation
data (right, εr,sub = 3 and εr,mut = 6 for both ﬁgures).
occur, see Fig. 5.8a. On the other hand, it needs to be kept small enough, so that no
highermodes occur or at least do not have an inﬂuence on the characteristics of the desired
fundamental mode, see Fig. 5.8b. This effect can be observed especially for the simulation
of a MUT-loaded TL: As can be seen in Fig. 5.6 for a large port (or high MUT permittivity) for
both the propagation constant and the effective permittivity, higher modes occur at certain
frequencies: Not only do these modes interrupt the continuous slope for the propagation
parameters of the fundamental mode, they do change in frequency and quality depending
on the actual port size as well. Often, these higher modes are not of physical origin and
thus could not be measured in reality, but are mere numeric solutions found by the solver
due to the imperfect modelling approach, see Fig. 5.8b: Taking the boundaries of a wave
port for example, these are usually modelled showing a perfect electrical conductor as
boundary condition. As a result, modes similar to a hollow waveguide can occur, if the port
is chosen big enough. All the aforementioned issues apply for inappropriately chosen port
sizes or high MUT permittivities.
Due to these reasons, cumbersome manual mode identiﬁcation and separation of the
different slopes would be needed for any TL simulated at any substrate and MUT permit-
tivity to identify the fundamental mode and extract its propagation characteristics. To avoid
this and establish a convenient and repeatable modelling approach, a ﬁgure of merit for
the port size is established as follows:
For simulation of the unloaded TL, the port size should be increased in both dimensions
independently until the propagation characteristics are converged. Increasing it any further
in any direction will only introduce higher modes. As a rule of thumb for MS and GCPW TLs
and from the experience of the author, a port width of about 12 times the signal conductor
width and a port height of about 16 times the substrate height usually provides convenient
results and can serve as a starting point for port size optimization.
For the simulation of the loaded TL, the port size needs to be reduced from the val-
ues used for the unloaded simulation with respect to the εr,mut simulated, since a higher
εr,mut,eff decreases the frequency at which higher modes occur. This observation is reason-
able, since a higher εr,mut increases εr,mut,eff and thus the effective wavelength in the port’s
cross-section. From the experience of the author, it is usually sufﬁcient to only reduce the
height of the port, leaving the width unchanged with the value as used for the unloaded
simulation. To avoid the multi-modal characteristics as described above, the port height is
set to a value so that the height of the port section covering the MUT is about a quarter
wavelength with respect to the MUT’s permittivity, see Fig. 5.7a:
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5.7 LOSS ESTIMATION AND PERMITTIVITY MODELLING
The overall loss α of a TL can directly be calculated from the measured propagation con-
stant,
Re(γ) = αtot = αc + αd + αr, (5.21)
while this equation already implies, that the overall loss consists of several sources, namely:
• αc, accounting for the conductor loss inside the metallic conductors including the
additional loss introduced due to surface roughness.
• αd, accounting for the dielectric loss inside the substrate and air.
• αr, accounting for the radiation loss due to power radiated from the fundamental
mode of the TL into the substrate or otherwise.
Since simulations indicate, thatαr is negligible small compared to the other sources as long
as the design restrictions concerning higher modes as given in Sec. 4.1 are followed, it can
be omitted. This is reasonable, since wave propagation in any TL exhibiting only the funda-
mental mode inherently implies a guided wave, which is not subject to radiation. Several
publications back up this observation, even for increasing frequency [WCS+13]. Combining
the reduced overall loss with transmission line theory, it can be written as [RWD94]








with the exclamation mark again denoting the transition from one theory into the other.
Even though G′ ≈ 0 << R′ is true for most practical applications as long as the substrate
of a TL is not very lossy, which has been assumed for the derivation of the TL theory before,
G′ has been included here to visualize the central problem of dielectric loss determination:
From measurement, usually only the overall loss is obtainable, and means to distinguish
the dielectric from the conductor loss are required. Since G′ << R′, providing a solution to
this task is especially difﬁcult, as R′ masks the small inﬂuence of G′ on the overall loss. In
the following, two ways of approaching this task will be given: In the ﬁrst case, a generic
model is used to provide means to determine the dielectric loss from the measured total
loss. In the second case, a general and inherently causal multi-pole Debye model based
on the Kramers-Kronig relations is used to determine the imaginary part of the permittivity
directly from the measured real part. The obtained model can be used to ﬁt the measured
permittivity as well.
5.7.1 GENERIC MODEL
For any TL operating well above the LC region, which is usually the case in the frequency
range of interest of this work, a simple generic model can be assumed as
αtot = pc
√
f + pdf, (5.23)
where the overall loss is expected to consist of conductor loss proportional with the factor
pc to the square root of frequency and of dielectric loss proportional with the factor pd to
frequency. The former is justiﬁed by the explanations given for the skin effect region and
does not include surface roughness yet. The latter is reasonable, since with linearly increas-
ing frequency the number of polarization cycles inside a material increases accordingly, as
the number of wavelengths present inside the material increases as well.
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For the sake of completeness, the surface roughness can be included in αc by introduc-
ing a correction factor ksr to αc,ideal of an ideal, ﬂat conductor
αc = ksrαc,ideal, (5.24)
with ksr given as



















where the subscripts HJ and G stand for the widely used and in modern ﬁeld solvers
implemented models proposed by Hammerstad and Jensen [HJ80] and Groiss [GBB+96],
respectively. Both models have been deduced from measurements on PCB and thus are of
empirical nature, implementing the root-mean-squared roughness Rq (with Rq << t typical
for most PCBs, but not necessarily for on-chip TLs), which is a typical measure for a rough
conductor proﬁle and can be obtained by measurement. There are several issues related to
these models and the underlying approach in general, which have recently been presented
in literature and are further discussed in App. A.3. As a consequence and since the explicit
modelling of surface roughness is not required for the approach presented in the following,
it is omitted.
The total loss directly obtained from measurement can be ﬁtted to the model given
in Eq. 5.23 to extract both the conductor and dielectric loss. From the experience of the
author, for PCB this approach usually yields very high correlation coefﬁcients of above 0.99,
implying a good ﬁt of the measurement data to the model. For on-chip TL, however, the
obtained ﬁts are not of a comparable quality over the whole frequency range, showing
typical correlation coefﬁcients of above 0.95, see Fig. 5.9 for typical results for PCB and
on-chip measurements.
This underlines the above statement that radiation loss should be negligible: Radiation
can be assumed to show some kind of resonant or otherwise frequency-selective charac-
teristics, which should decrease correlation signiﬁcantly as it is not included in the model.
(a) PCB (MS on RO3850). (b) On-chip (MS on ORMO).
Figure 5.9: Total loss (measurement , ﬁt to model ) separated into conductor loss
( ) and dielectric loss ( ) using the generic model. Dielectric loss tangents
are obtained using the generic ( ) and the multi-pole Debye model ( ).
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which can be approximated for tan δd = ε
′′










As a consequence and with ε′r known from measurement, the dielectric loss tangent can







The model given in Eq. 5.23 can be used to extract both the conductor loss and dielec-
tric loss by ﬁtting the total loss obtained from measurement to it. Inherently, this approach
separates conductor and dielectric loss, with the intersection point of both frequency-de-
pendent parameters marking the frequency at which dielectric loss outweighs conductor
loss, see Fig. 5.9.
5.7.2 MULTI-POLE DEBYE MODEL
From measurement, the effective permittivity for both the substrate as well as the MUT
is known. Considering the loss of the materials related to each ε′′r,eff, direct calculation
is not feasible: Since the cross-section of a planar TL consists of metallic (e.g. the MS
conductor) as well as dielectric (e.g. air above and beside the conductor and substrate
below the conductor) areas, the effective cross-section and thus ε′′r,eff shows a mixture of
both loss effects. Literature [Bal02; Jac98] usually distinguishes between a good conductor
(σeqωε′ >> 1) and a good dielectric (
σeq
ωε′ << 1) here, assuming the material is homogeneous
within its cross-section. This approach cannot be applied to the effective cross-section of
a planar TL, as already discussed in Sec. 2.2.
To be able to calculate ε′′ using the general equation as given in Eq. 2.24, the term σ
would have been extended to cover for some kind of effective conductivity of the cross-sec-
tion σeff, which could be seen as an approach similar to the effective permittivity method.
This task is very ambitious and requires a development of a completely new theory as well
as extensive modiﬁcations of available simulation tools.
As already discussed in Sec. 2.5, the Kramers-Kronig relations connect the real and imag-
inary part of a complex function such as the permittivity so that the imaginary part can be
calculated if the real part is already known and vice versa. Using the multi-pole Debye
formulation as suggested in [ODR06]










of the angular relaxation frequency fr, N ∈ N as the order of the generalized Debye model
and gn as the weight at the corresponding relaxation frequency, the real and imaginary part
of the permittivity can be separated:
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Solutions to the given set of equations should follow the constraints [ODR06]
N∑
n=1
gn = 1, gn > 0, εdc ≥ ε∞ ≥ 1. (5.33)
With the equations given above, the imaginary part of the substrate permittivity can be
calculated from the given real part:
1. The already determined real part of the permittivity is ﬁtted to the modelling function
given in Eq. 5.31. For this ﬁt, a pattern search optimization procedure using Matlab
is applied. The optimization intervals as well as the starting values for the static and
inﬁnite frequency limits can easily be estimated from quasi-static assumptions (e.g.
using Ansys® EM HFSS) and the measurement data. The weights gn are allowed
to a value of ]0, 1[ and thus enforce multiple poles. The relaxation frequencies fr are
assumed in the MHz to GHz range, see Sec. 2.4. N is chosen to 3, since this already
was sufﬁcient for convergence of the ﬁt for the measurements shown in Ch. 7 and
Ch. 8.
2. The parameters obtained by the ﬁt are used for calculation of the imaginary part using
Eq. 5.32.
3. The real and imaginary parts can be combined into the dielectric loss tangent tan δd
as already stated in Eq. 2.18.
The author wants to point out that due to the interval bounds given in Eq. 2.31 to Eq. 2.34,
the equations derived above only hold true if the whole (inﬁnite) spectrum of either the
real or imaginary part of the permittivity is known. Even though this cannot be satisﬁed in
reality, it is assumed that the given theory can be applied due to the broad measurement
bandwidth used in this work (i.e. 100MHz to 67GHz for PCB and 100MHz to 500GHz for
on-chip measurements). Slight deviations are expected to occur near the boundaries of the
measurement bandwidth, but are not discussed any further.
Assuming a broad enough measurement bandwidth as well as quality of the ﬁt applied
for the real and imaginary part of the permittivity, the models given could ultimately be
used to extrapolate the measured data from the minimum measurement frequency (such
as 100MHz in this work) downwards to DC or even to frequencies above the maximum
measurement frequency. This approach is to be treated with caution, however, since there
are several constraints to be considered for extension in both directions of frequency, such
as physical phenomena with inﬂuence on the dielectric characteristics of a material not cov-
ered by the initial model given in Eq. 5.30 (i.e. the Maxwell-Wagner effect near DC [Jon99;
MM08] or dielectric resonances such as ionic and electronic polarization, which usually
ﬁrst take place in the range of a few THz [RWD94], and are only implicitly covered in ε∞).
The author refers to [ODR06; Jon99; MM08; RWD94] for further reference and suggests
the implementation of a more advanced model in the future, if available and necessary.
Besides this remark concerning extrapolation, the given model should safely allow an in-
terpolation of the measurement data, such as in the frequency gap from 67-140GHz in
this work.
5.7.3 DISCUSSION OF LOSS MODELS
For the generic model, the dielectric loss αd is assumed to increase linearly with frequency.
Remembering Eq. 5.28 and Eq. 5.29, it directly follows that tan δd = ε
′′
ε′ must be constant
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must follow. Referring to the discussion of different polarization mechanisms in Sec. 2.3
and especially the orientational polarization most relevant at the frequencies measured in
this work, there is no reason to assume that this holds true, see Fig. 2.5. As a consequence,
the dielectric loss (or dielectric loss tangent) obtained by the generic model will always
show a linear increase (or constant). This is not only contradictory from a phenomenological
perspective as just discussed, but also inconsistent with the Kramers-Kronig relations, see
the explanations given in Sec. 2.5.
The multi-pole Debye model, however, follows physically-reasonable assumptions and
complies with the Kramers-Kronig relations. It usually presents a frequency-dependent
slope for the dielectric loss tangent, which is reasonable following the explanations given
above, and justiﬁes to favour it above the generic model.
Interestingly, most of the (especially older) literature in the context of electrical engineer-
ing assumes a constant dielectric loss tangent for most materials or applications, while this
is not the case for most of the literature in the context of physics studied by the author.
As a consequence, results for both models are given later on, so that comparison to refer-
ence literature is easily possible. The author can only speculate, that this observation is to
be explained by a lack of general understanding of the physical fundamentals of material
science and the relationships discussed here in the ﬁeld of electrical engineering or the
simple fact, that roughly giving the order of magnitude for the dielectric loss tangent is
usually sufﬁcient for most applications.
5.7.3.1 MEASURE OF ERROR







|mi − fi | (5.35)
is used, with mi and fi denoting the measurement and ﬁtted data at a certain frequency
point, respectively, while n ∈ N stands for the number of frequency points. This measure
of difference may be unfamiliar to the reader, as the root-mean-square error (RMSE) is
usually found more often in literature. The RMSE is proportional to the squared error and
thus hardly to be interpreted directly and additionally overemphasizes larger errors. Since
the data presented later on does not show large deviations of such kind and the MAE offers
easy interpretability in conjunction with measurement data, the author favours it above the
RMSE in this work.
5.7.4 ADAPTION TO LOADED TRANSMISSION LINES
The aforementioned loss models can be applied directly on the unloaded measurements.
For the loaded measurements, the determined total loss relates to the MUT-loaded TL
section, consisting of the three regionsMUT, TLmetallization and substrate (and depending
on the actual TL used a small air gap), see Fig. 5.2. This involves no consequence for
the multi-pole Debye model, which can be applied directly, as only the MUT permittivity
is relevant for determination of the dielectric loss tangent. This strongly underlines the
applicability of this approach especially in the loaded case.
As a consequence for the generic model, a distinction between the (dielectric) loss in
the different regions needs to be made, as the total loss covers all losses of the whole
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loaded TL section. Simulations show, that the power distribution across the cross-section
of the simulated port is mainly dependent on the cross-sectional geometry and substrate
permittivity, with a weak dependency on the frequency and MUT permittivity. The real












E × H* ds, (5.36)
where S is the Poynting vector (power density), E the electric and H the magnetic ﬁeld.
Since the substrate permittivity is known for the MUT measurements, a constant ratio for
the power distribution between substrate and MUT can be found using simulations, with
exemplary values for the substrate power ratio psub and MUT power ratio pmut shown in
Tab. 5.1. The values given there are averaged over several frequencies and MUT permittiv-
ities: While the resulting error made by doing so should be negligible due to the only weak
dependencies and is not further discussed here, it eases the applicability of this approach
considerably. As the dielectric loss of any air gap present in the cross-section (dependent
on the TL simulated) is negligible compared to the dielectric loss of the substrate and MUT,
it is neglected as well.
The total loss is then given as
αtot = αc + αd = αc + psubαd,sub + pmutαd,mut (5.37)
with αd,mut for the dielectric loss in the substrate region and assuming that conductor loss
does not change with changing MUT permittivity. The dielectric loss in the MUT can then
directly be calculated from the total loss as
αd,mut =
αtot − αc − psubαd,sub
pmut
, (5.38)
which then allows solving for the dielectric loss tangent as in Eq. 5.28 and Eq. 5.29.
Rigorously following the theory presented in this work, the assumption of conductor
loss not changing with MUT permittivity cannot be true, since a change in MUT permittiv-
ity relates to a change in the effective permittivity and thus wavelength: This leads to a
different electric ﬁeld distribution and density and thus must lead to a change in current
distribution and density as well. Nevertheless and from the author’s experience with re-
lated simulations, the resulting deviations are negligible for the measurements presented
in this work, and any different assumption would render the generic model not applicable.
Consequently, the presented adaption is applied on the measurement data presented later
on to determine the dielectric loss tangent for the MUTs using the generic model.
Table 5.1: Exemplary values for ratio of power distribution between substrate and MUT for
typical TLs.
substrate TL psub pmut
RO3850 MS 0.75 0.25
RO3850 GCPW 0.68 0.32
RO3006 MS 0.68 0.32
RO3006 GCPW 0.61 0.39
RO3010 MS 0.74 0.26
RO3010 GCPW 0.63 0.37
PI-I MS 0.73 0.27
PI-I GCPW 0.63 0.37
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6.1 MEASUREMENT SETUP AND PROCEDURE
Even though the method developed in this work is presented with a focus on planar TLs
and the related measurement setup is presented ﬁrst, it is applicable with other measure-
ment setups as well. To provide measurement capabilities for large, ﬂat samples not ﬁtting
on the wafer prober, a free-space setup using antennas is developed and introduced sub-
sequently. For comparison not only with reference data from literature, but own reference
measurements as well, a waveguide-based method is brieﬂy explained. Additionally, the
calibration technique as well as selected aspects of planar measurements using on-wafer
probes are addressed.
Some of the information presented in Sec. 6.1.1 and Sec. 6.2.4 has already been pub-
lished by the author and is taken in part from [SP19]. Some of the information presented
in Sec. 6.1.2 has already been published by the author and is taken in part from [SHSP18].
6.1.1 PLANAR MEASUREMENTS
For the measurement of the S-Parameters of planar substrates, a manual wafer prober
with on-wafer probes connected to a network analyzer (NA) is used, see Fig. 6.1. This is
the usual choice of connectors establishing an interface with a planar structure for mea-
surement of frequencies in the THz range and not to be understood as a restriction, since
the method developed in this work can be used with any suitable connector for the fre-
quency range of interest, e.g. commercially available coax connectors for measurements
up to 67GHz.
For measurement of on-chip substrates at higher frequencies, the NA is equipped with
frequency extenders for the additional ranges 140-220GHz, 220-325GHz and 325-500GHz,
thus allowing measurement from 10MHz up to 500GHz1. Consequently, a different set of
probes is used for each frequency band as well, where the probe pitch is chosen as the
smallest one still ﬁtting on the pad structure.
In case of PCB, only one set of probes and direct measurement using a NA is viable, due
to the reasoning given in Sec. 6.3.1. The only probe pitch suitable for measurements here
is 400 um, since a sufﬁciently high pitch has to be used to bridge the rather large distance
from strip to ground compared to the on-chip substrates.
Prior to measurement, a custom multiline Thru-Reﬂect-Line (mTRL) calibration is per-
formed, which will be addressed in more detail in Sec. 6.2. This calibration effectively
1Due to the lack of frequency extenders for 90-140GHz at the author’s lab, all measurement data utilizing
the total available frequency range shows a frequency gap from 67-140GHz.
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Figure 6.1: Overview (top) and detailed view (bottom) on the wafer prober showing sub-
strate contacted by on-wafer probes. Straight waveguides on the sides connect
the probes to frequency extenders, which extend the measurement range of
the NA to 500GHz. Different sets of TL layouts that have been tested can be
seen on the substrate. A high-resolution microscope as seen on the top is used
to control precise probe placement. The frequency extenders are connected to
the NA and placed on translation stages, allowing controlled movement of the
probes (ﬁgure already published by the author in [SP19], © 2018 IEEE.).
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Figure 6.2: Overview (top) and detailed view (bottom) on setupwithmetallic levermounted
to motorized translation stages in front of the wafer prober. Different adapters
can be mounted to properly ﬁt MUTs of different sizes, while the tip of the lever
is equipped with a patch of neoprene serving as buffer to avoid damaging of
the MUT.
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de-embeds the measurement setup including the on-wafer probes and frequency exten-
ders, so that related effects are not affecting the actual measurement.
For the measurements requiring frequency extenders, a ﬁrst-tier calibration using waveg-
uide standards is done to shift the reference plane from the NA ports to the waveguide
ports of the probes. As a second-tier calibration, the mTRL calibration is applied. Only this
procedure containing a two-tier calibration allows for evaluation of the calibration data (e.g.
if a standard is connected properly) during the mTRL calibration, since otherwise the raw
data as seen on the NA during calibration would be not interpretable due to the inﬂuence
of the frequency extenders.
For the measurements of TLs loaded with a MUT, the respective MUT thickness is ﬁrst
measured using a conventional vernier caliper. Then, the probes are lifted to avoid damag-
ing of either the probe tips or the probe pad and the MUT is placed on the TL by hand. A
metallic lever mounted to motorized translation stages is then used to apply a reproducible
amount of pressure to the MUT, see Fig. 6.2: Different adapters are used to ensure proper
ﬁtting of the lever tip to the MUT size. The lever is lowered to the point where it touches
the MUT’s upper surface. Then, the amount of pressure is incrementally increased until
the translation stage’s motor reaches saturation and the MUT is clamped in-between lever
and substrate. To avoid damaging of the MUT, the tip of the lever is equipped with a patch
of neoprene serving as buffer. As soon as the MUT is ﬁxed as described, the probes are
lowered and a measurement can be taken. After that, it is important to ﬁrst raise the probes
again, before the lever is lifted and the MUT released to avoid damaging of the probes or
the probe pads during the lifting of the lever.
6.1.2 FREE-SPACE MEASUREMENTS
A panel-shaped MUT of large size can be characterized using a different setup than the
previously presented planar one. For this, the panel-shaped MUT is placed on top of an
half-open polystyrene box as shown in Fig. 6.3, which only serves as mechanical support
for the sample. Horn antennas used for measurement are placed at the bottom of the
polystyrene box and at a distance above the MUT, respectively, so that the MUT is illumi-
nated by a plane wave at normal incidence. The antenna above the MUT is mounted on a
translation stage, enabling easy movement and adjustment of the distance perpendicular
to the MUT. Both antennas are directly connected to a NA. To cover the largest possible
measurement bandwidth of 5 to 67GHz, three sets of horn antennas available at the au-
thor’s lab are used, which cover the frequency ranges 5 to 50GHz, 50 to 75GHz and 35
to 50GHz. Additional overlap in the operational frequency ranges of the antennas allows
for choosing the antenna with the best performance (i.e. highest gain) at each overlapping
frequency point. In principle, this setup could be used in conjunction with the frequency
extenders as well. Since this idea does not follow the main focus of this work and would re-
quire additional development effort to introduce the heavy and bulky frequency extenders
to the setup, it has not been followed any further.
Prior to measurement, a free-space mTRL calibration is performed, which will be ad-
dressed in more detail in Sec. 6.2. This calibration effectively de-embeds the measure-
ment setup including the polystyrene box, translation stage and surroundings in the lab,
so that related effects as well as antenna parameters (i.e. gain) are not affecting the actual
measurement.
The Thru standard is chosen to twice the distance from the bottom antenna to the edge
of the polystyrene box, so that both antennas are placed equidistant to it. By doing so, any
possible disturbance due to the presence of the box remains ﬁxed in distance for the bot-
tom antenna and is excluded by calibration, since the reference plane for the measurement
is set to half the length of the Thru.
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(a) Unloaded setup. (b) Setup loaded with concrete MUT.
Figure 6.3: Free-space measurement setup: A polystyrene box serves as mechanical sup-
port for the panel-shaped MUT. Broadband horn antennas at the top and bottom
of the box are connected to the NA (not shown). A translation stage (left) hold-
ing the antenna at the top enables easy adjustment of the distance to the MUT
(ﬁgure already published by the author in [SHSP18], © 2018 IEEE.).
To properly cover the measurement frequency range during calibration and as further
discussed in Sec. 6.2, a number of line standards needs to be measured. As only the top
antenna is adjustable in distance, these line lengths can be understood as offset lengths
to the Thru in the direction of the top antenna moving upwards. Since the free-space setup
offers the possibility to easily create more lines for calibration by simply moving the top
antenna along the translation stage, the author decided to simplify the usual calibration
approach in comparison to the one presented for planar measurements: Instead of explic-
itly calculating the required line lengths beforehand, a variety of lines is measured during
calibration to ensure proper bandwidth coverage. Ten lines each increasing the length of
the Thru by an increment of 500 um corresponding to one half-turn of the setting screw on
the translation stage are used as line standards during calibration. Since the implemented
mTRL algorithm not only uses the physically measured lines during calibration, but also the
virtual lines given by the differences of the measured physical ones, the large number of
resulting lines covers the measurement bandwidth conveniently: Assuming a usable band-
width of 8:1, the shortest line used for calibration (500 um) and the longest line (5mm)
alone cover a frequency range of about 3.3GHz to 267GHz [Agi00].
For the Reﬂect standard, a metal plate (aluminium) with a thickness of 5.8mm is used.
To keep the reference plane during calibration with the metal plate at the correct position
of half of the length of the Thru, the position of the moveable antenna has to be adjusted
accordingly, i.e. by the thickness of the metal plate. The same procedure is followed for
measurement of the MUTs, so that the reference plane always lies on the surface of the
sample being measured. By doing so, the measured S-Parameters will only represent the
wave propagation inside the MUT of a given thickness, since the reference plane for the
measurement is always set to half the length of the Thru by calibration.
6.1.3 WAVEGUIDE MEASUREMENTS
Using the widely-accepted and commercially available waveguide-based characterization
method presented in [Agi12], the permittivity of material samples ﬁlling a hollow waveg-
uide (WG) can be characterized. For this, the MUT needs to be micro-machined to ﬁt the
cross-section of the waveguide used for measurement, which is 22.86mm x 10.16mm for
the X-band (WR90, 8.2GHz to 12.4GHz) and 3.76mm x 1.88mm for the V-band (WR15,
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(a) X-band (WR90): 8.2GHz to 12.4GHz. (b) V-band (WR15): 50GHz to 75GHz.
Figure 6.4: Different waveguides used for measurement of material samples.
50GHz to 75GHz) waveguides available at the author’s lab, see Fig. 6.4. Prior to mea-
surement with a NA, a waveguide-based TRL calibration using only a quarter-wavelength
straight as Line standard is performed. Not all samples investigated in this work could be
micro-machined in a way to ﬁt the waveguides, which will be addressed in Sec. 8.1.
6.2 MULTILINE TRL CALIBRATION
In the following, the multiline Thru-Reﬂect-Line (mTRL) calibration based on the Thru-Re-
ﬂect-Line (TRL) technique will be introduced. While the key aspects relevant for this work
as well as practical implications are discussed, the theory behind this technique is rather
extensive and presenting it in detail goes beyond the scope of this work. Even though liter-
ature presenting and discussing this theory exists, most of it only gives a rough overview
and provides insufﬁcient explanations or equations to fully comprehend the idea behind its
approach. Therefore and for further reading on this topic, the author refers to [DJM02] and
especially [Yau11], both giving comprehensive theory for mTRL and excellent explanations
thereof.
Further details and guidelines on designing mTRL calibration standards are given in
App. A.2.
6.2.1 INTRODUCTION
As every calibration technique, the mTRL calibration applied before measurement assures
that systematic errors or effects related to the measurement ﬁxture (e.g. NA, cables, mix-
ers, waveguides) are properly corrected for, so that the reference plane for the measure-
ment is shifted from the network analyzer ports to the physical connection point of the
ﬁxture to the device under test (DUT). In case of a conventional TRL calibration, the three
eponymous standards are used, which only allow coverage of a small bandwidth for cal-
ibration dependent on the difference in length of Thru and Line, see Fig. 6.5 and [Agi00;
Mar91] for further reference.
6.2.1.1 THRU
The Thru is a TL directly connecting both measurement ports. In literature, it is usually
advised to be of negligible length (compared to wavelength), even this is no necessity for
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Pad ½ Thru Line ½ Thru Pad
Pad ½ Thru ½ Thru Pad Pad ½ Thru Reflect
Figure 6.5: Typical mTRL calibration standards in MS technology: Thru (top left), Reﬂect
(top right) and Line (bottom). A conceptual layout is given below each standard.
the TRL routine to work and can be beneﬁcial for certain applications, as will be discussed
below. During calibration, it is set to either non-zero (e.g. its physical length) or zero length.
In the former case, the reference plane for measurement after calibration will be set to the
probe-pad interface (i.e. the probe tips). In the latter case, the reference plane is set to half
the length of the Thru as already implied in Fig. 6.5. In both cases and as a requirement
for the reference plane shifts, the propagation constant of the TL is determined during
calibration.
The latter case is beneﬁcial for most measurements, since it allows to shift the refer-
ence plane away from the disturbance of the probe-pad interface onto the TL, where a
proper mode of propagation is established. Additionally, dispersive effects such as a fre-
quency-dependent substrate permittivity can be covered only in the latter case, and a ﬁrst
de-embedding can be applied directly during calibration, e.g. to shift the reference plane
directly to a device to be measured.
In contrast, the former case is usually appliedwhile calibrating using an off-chip substrate:
For some applications it is not feasible (e.g. due to limited fabrication area) to include cus-
tom calibration standards on the substrate to be measured. In this case, calibration stan-
dards on a commercially or otherwise available calibration substrate can be used, which
do not necessarily need to meet the pad or TL layout and characteristic impedance of the
structures to be measured on the other substrate. In this case, the former routine is ap-
plied, so that the reference plane is shifted directly to the probe tips, as doing otherwise
would compromise calibration quality: Different TL layouts and thus differing impedance
or different substrate material and thus differing (frequency-dependent) permittivity would
introduce mismatch in impedance and dispersion characteristics of both substrates. From
a practical perspective, on-chip calibration using custom standards on the same substrate
is always beneﬁcial to off-chip calibration, as (small) errors resulting from different probe
tip contact impedances remain after off-chip calibration (i.e. different pad capacitance for
measurement and calibration substrate).
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6.2.1.2 LINES
One or multiple Lines are TL sections resembling the Thru in layout, but with increased
length. The average impedance of all Lines and the Thru (if chosen to non-zero length) is
used during calibration to set the reference impedance for measurement afterwards. The
phase difference between Thru and Line for a single Thru/Line pair needs to be sufﬁciently
high to avoid ambiguities during measurement. Literature usually suggests a minimum
phase difference of 20°, which implies a usable calibration bandwidth of 8:1. The extended
mTRL calibration allows for multiple Lines being used during calibration, with the additional
physical (as well as virtual) Line differences increasing the calibration bandwidth virtually ad
inﬁnitum. For practical purposes, the calibration bandwidth is still limited due to the ﬁnite
number of standards usually implemented, the technological infeasibility of fabrication of
Line standards or respective differences small enough to cover very high frequencies and
the limited precision and repeatability in probe placement.
The author sees no explicit reason why the minimum phase difference of 20° is chosen,
even though this value can be found in virtually any literature on this topic. Since the idea
for the TRL calibration routine is rather old, the author assumes this values originated at
times, where typical uncertainties in phase determination using available measurement
equipment were in this order of magnitude, so that the chosen value ensures unambiguity
in phase measurement for a single Thru/Line pair.
6.2.1.3 REFLECT
The Reﬂect can be any roughly deﬁned reﬂecting termination after a TL of half the length
of the Thru (or directly at the probe tips, in case the Thru is of negligible length compared
to wavelength).
6.2.2 MOTIVATION
In comparison to other well-known and widely established calibration techniques such as
Short-Open-Load-Thru (SOLT), mTRL has several beneﬁts:
• mTRL is a self-calibration technique, requiring only partly known standards instead
of completely deﬁned (gold) standards. This particular aspect is of major importance
for planar calibration techniques and will be discussed in more detail in the following
subsection.
• Custom calibration standards on the same substrate as used for measurement can
be used for calibration. In comparison to off-chip calibration standards on a calibration
substrate of a different material, all the parasitics corrected for during calibration (e.g.
parasitic capacitance, contact resistance or impedance mismatch of the probe pad)
remain identical, therefore ensuring the highest possible calibration accuracy.
• The propagation constant of the TLs used for calibration is determined during calibra-
tion.
• As a consequence, a high-accuracy, ﬁrst order de-embedding can be applied during
calibration, which shifts the reference plane towards the DUT without the need for a
subsequent de-embedding step.
• Repeatable transmission line standards are easy fo fabricate in planar technology due
to the high degree of control and yield of planar fabrication processes.
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The main difference of mTRL compared to other calibration techniques is that it requires
transmission line standards for calibration, which do not need to be ideal. The reference im-
pedance is set to the (not necessarily known) impedance of the TLs used during calibration
(hence the term "self-calibration"). SOLT and related techniques assume ideal standards for
calibration: By deﬁnition, the reﬂection coefﬁcients of these standards should be on par
with textbook knowledge, such as an open and short showing ideal reﬂection with a magni-
tude of one (with opposite phase) and a match showing no reﬂection at all. Real standards
differing from this deﬁnition decrease the quality of calibration. Real standards, which con-
veniently meet these requirements, can be fabricated in coaxial or waveguide technology
for associated frequencies (usually up to 67GHz for coax and up to 500GHz for waveguide)
and with limited bandwidths.
However, in planar technology one does only have access to planar transmission line
terminations in most applications. Due to their usually open structure, radiation or energy
conversion into the substrate reduce the magnitude of reﬂection for a reﬂecting standard
such as a short or an open. Fringing ﬁelds at the end of a planar termination, e.g. as given by
the capacitive effect at the open conductor edges from top to bottom conductor, introduce
an additional phase shift. Effects like these are bound to the planar structure of the termi-
nations and omit a precise magnitude and phase response of such a standard. Additionally,
this response will change with frequency, as the aforementioned effects (e.g. radiation,
fringing ﬁelds, coupling) are frequency dependent. Therefore, designing an close-to-ideal
standard is not feasible in planar technology.
Since the mTRL technique is self-calibrating, it does not need an absolute reference (i.e.
match or load), as the reference impedance is set to the Line impedance during calibration.
Additionally, no strict assumptions on the calibration standards are made as discussed
above for the case of reﬂection standards, which relaxes the practical requirements and
makes it a feasible and widely-accepted calibration technique for planar measurements.
6.2.3 OPTIMUM LINE LENGTHS
For any given measurement bandwidth with lower and upper frequency limits flow and fhigh,
respectively, and a predeﬁned minimum phase phase difference Δϕ for each Thru/Line pair,
the optimum Line lengths can be calculated [Tec17a]: The minimum number of required
Lines is given as
n =
log( fhighflow )
log ( Δϕ180°−Δϕ )
, (6.1)
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(a) One Line. (b) Three Lines.
(c) Five Lines. (d) Fifty Lines.
Figure 6.6: Effective minimum phase differences for n = 4 and different number of Lines.
every Line shows a 90° phase difference with respect to the Thru. Consequently, every




[Δϕeff, 180° − Δϕeff], (6.6)
which gives the bandwidth at which the Line can be used for calibration without violating
the given constraints.
For four exemplary cases resembling RO3850 (flow = 100MHz, fhigh = 67GHz,Δϕ = 20°,
εr,sub,eff ≈ 2.5, n = 4), the resulting total effective minimum phase differences over the
chosen number of Lines is given in Fig. 6.6. As can be seen, only a number of Lines greater
or equal n results in the required minimum phase difference being adhered to.
LENGTH OF THE THRU
The Thru needs to be long enough to ensure that there is only the desired single mode
of propagation in the TL present. Additionally, the length of the Thru should be chosen
large enough to safely neglect crosstalk from one probe to the other (i.e. leakage terms
in the respective error model can be ignored). Careful testing and simulations have been
used to chose a proper length for the Thru in all calibration layouts used in this work. For a
comprehensive investigation on this topic, the author refers to [OSA+13].
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6.2.4 TYPICAL MTRL LAYOUT
An overview on a typical layout (represented by the PI-II substrate discussed in Sec. 7.5.1)
including a set of custom calibration standards as well as ﬁve measurement TLs is given
in Fig. 6.7.
To ensure a proper calibration and avoid calibration performance decrease or mismatch
of any kind (i.e. due to an off-chip calibration substrate showing a different TL layout or
substrate permittivity), custom mTRL standards are included on each substrate under test.
The Thru and Lines show an identical TL and probe pad structure and only differ in length,
whereas the Reﬂect is typically designed as a block of vias at the end of a TL resembling
one half of the designed Thru, or a shorted planar TL in case no bottom ground and vias
are available (e.g. for CPW). To properly cover the broad measurement frequency range, a
number of Lines is implemented for calibration.
For determination of the Line lengths, the substrate permittivity for every substrate is
roughly estimated based on values known from literature or taken from an educated guess
of the author. Since a strong deviation of the estimated permittivity during design would
change the Line bandwidths quite a lot, sufﬁcient bandwidth overlap of each Line is in-
cluded to account for errors of such kind. Lengths of the custom mTRL line standards for
an exemplary PCB (represented by RO3850) and on-chip (represented by PI-II) substrate
are given in Tab. 6.1.
Besides the set of calibration standards, ﬁve TLs of length 25mm for measurement are
included in every layout, if sufﬁcient area is available during fabrication.
For practical purposes and from the experience of the author, it is advisable to include
a small area not designated for calibration purposes in the layout as well (see third row
from the top, left side in Fig. 6.7): This provides a sufﬁcient testing surface for probe tip
placement and especially inclination, which is a necessary requirement for precise and
repeatable measurements as will be discussed in Sec. 6.3.2.
Figure 6.7: Typical mTRL layout in MS technology consisting of custom calibration stan-
dards at the top as well as ﬁve TLs for measurement at the bottom (only top
layer shown). The calibration standards are included multiple times to allow
some redundancy and counter wearing off of the probe pads due to measure-
ment. The overall size of the layout shown here is about 26.3mm x 9.5mm,
mainly due to the TLs for measurement and allows for calibration and measure-
ment up to 500GHz (ﬁgure already published by the author in [SP19], © 2018
IEEE.).
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Table 6.1: Custom mTRL line standards for exemplary substrates.







6.3 SELECTED ASPECTS OF PLANAR MEASUREMENTS USING
ON-WAFER PROBES
A lot of the measurements presented within this work involves handling delicate on-wafer
probes. The probe pad layout is of critical importance for any measurement of planar struc-
tures at THz frequencies, whichwill be discussed in the following. Additionally, most issues
arising during measurement are due to incorrect probe preparation, handling or placement,
while nearly all of these issues are strongly dependent on the operator handling the probes.
Consequently, the experiences gatheredwith such probes over the last years are discussed
subsequently.
6.3.1 PROBE PAD LAYOUT AND PLACEMENT
6.3.1.1 PROBE PAD LAYOUT
The speciﬁc probe pad layout and size is a major limiting factor in terms of maximum
measurement frequency, especially considering the PCB probe pad and the restrictions
of the commercially available processes, such as minimum line width, line gap and the
necessary sizes of via pads for ground connection.
An example for two different pad layouts is given in Fig. 6.8: While pad 1 encircles the
probe contact area with vias, pad 2 minimizes the metallic area and leaves only the via pads
as well as convenient space for probe placement. Both pads are simulated on RO3850
with substrate height 100 um and substrate permittivity about 3 as well as RO3010 with
substrate height 130 um and substrate permittivity around 11. Even though the substrate
(a) Pad 1. (b) Pad 2.
Figure 6.8: Different layouts for MS pads. Proper choice of substrate height, pad layout and
via size is crucial to form a suitable probe-TL interface for broadband measure-
ments.
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(a) RO3850 (substrate height 100 um, substrate
permittivity about 3).
(b) RO3010 (substrate height 130 um, substrate
permittivity about 11).
Figure 6.9: Different pad layouts simulated on two PCB substrates: Low-permittivity sub-
strates offer broader bandwidths compared to high-permittivity substrates, as
pad resonances or higher modes do occur at higher frequencies.
height differs slightly, the results presented here can be understood as a general example
of the issues mentioned above.
Simulation results for the relevant S-Parameters are shown in Fig. 6.9. On both sub-
strates, MS TLs with a characteristic impedance 50Ω are realized. RO3850 with pad 1
is matched well over the whole simulated bandwidth. Even for pad 2 with small or large
vias, ﬁrst resonances occur not until about 100GHz, while the pad structures on RO3010
begin to resonate strongly at much lower frequencies. This can be explained by undesired
transition effects of the pad, such as resonances, higher mode excitation or even radiation,
especially if no via encirclement is used to ground the edges of the pad. The observed
effects limit the application of a substrate severely, as these resonances transform along
the connected TL to the pad on the other side of the substrate depending on TL length.
This effectively corrupts the mTRL calibration, as its core assumption of identical inter-
face/transition for every Thru/Line used during calibration is violated. As a consequence
and especially due to the magnitude of the observed effects, calibration and measurement
at related frequency is infeasible.
As a conclusion to this problem and from the experience of the author, the probe pad
should always have minimum size in both planar directions and only show enough metallic
surface to cover the probe tips to conveniently suppress excitation of higher modes or
probe pad resonances. Small vias encircling the probe contact area are beneﬁcial.
To avoid undesired resonances in the substrate beneath the probe pad as well as radi-
ation related to these resonances (e.g. radiation of the pad due to operation as a patch
antenna), the effective pad width weff as well as effective pad length leff should be chosen
to minimize the overall pad area. The pad should be designed only subject to the necessary
space for the probes to land and contact the structure. The frequency, at which the pad















with m,n ∈ N denoting higher modes. It has to be taken into account, that the effective
width and length might be a bit higher than the corresponding geometrical value as chosen
by layout, since fringe ﬁelds can increase the electrical length accordingly. Additionally, vias
required should be placed close to the probe tips and edge of the metal surface, thus
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shortening any edge of the pad that could possibly serve as radiating element.
Due to the aforementioned reasons and the commonly available heights of PCB sub-
strates, measurements higher than at best 100GHz are usually not feasible on PCB: Even
PCB manufactured especially for RF purposes are usually not offered with a height lower
than 50 um, and most PCB processes demand minimum planar dimensions of at least
75 um. Additionally, conventionally drilled vias are hardly smaller than 150 um in diameter
and usually demand pad sizes of double that diameter for fabrication. On-chip substrates
with higher resolution in planar fabrication, a buildup consisting of very thin layers and very
small (etched or lasered) vias are not bound to these limitations. A detailed analysis of this
issue has been given by the author in [SKP15b].
6.3.1.2 PROBE PLACEMENT
Since the on-wafer probes used for the measurements presented in this work are built in a
ground-signal-ground fashion, the probe pads are usually designed as a grounded coplanar
waveguide structure showing an impedance of about 50Ω. This keeps reﬂection at the
probe pad interface low and ensures proper matching to any different 50Ω transmission
line structure following the pad structure, such as the microstrip lines used in this work.
A precise probe placement is critical, as it inﬂuences the measured electrical length of
the TL, which is why the launch of the TL has been designed in a semi-circular fashion:
This eases probe placement under the microscope, as the transition from the semi-circle
at launch to the actual straight section of the TL can be targeted very conveniently with the
probe tips during placement compared to a probe pad built in a straight fashion, where no
such orientation is given. Additionally, this kind of layout alteration is easily implemented
during design and eases the probe placement without disturbing the actual probe pad in-
terface. A comparison of the semi-circular probe pad structure with a straight one is given
in Fig. 6.10. Even though both structures have been realized and tested, most of the mea-
surement data given in this work has been obtained using the semi-circular pad structure
suggested above. The semi-circular layout allows a more precise and relatable probe place-
ment and thus phase reference during measurement compared to the ﬂat layout.
Usually, a probe pad is designed to support the desired frequency range for measure-
ment and a certain probe tip pitch. Some of the measurements done in this work were
originally not intended to be measured at higher frequencies. Consequently, the probe
pads were not designed to support the smaller probe pitches at these frequencies.
Nevertheless, measurement is often still possible, see Fig. 6.11: Here, the strip and
gap width is too low to support a probe of a certain pitch. In cases like these, the probe
pad can be "bridged" by exploiting the design of the ground tips: Since these are basically
small plates pressing into the metal surface, application of slightly higher contact pressure
than usual can sufﬁciently bridge the additional distance and produce a reliable contact.
However, due to the aforementioned reasons concerning probe handling, this approach
should be used with caution.
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(a) Semi-circular layout. (b) Straight layout.
Figure 6.10: Photograph of two different realized probe pad structures: The transition from
the semi-circle at launch to the actual straight section of the TL (left) can be
targeted more conveniently with the probe tips during placement compared
to the straight layout (right, ﬁgures already published by the author in [SP19],
© 2018 IEEE.).
(a) PCB substrate. (b) On-chip substrate.
Figure 6.11: Bridged pads due to pitch of available probes being smaller than originally
designed for (ﬁgures not to scale). In case of PCB (left), the true ground probe
tip position can be seen as weak mark on the surface of the substrate in the
upper gap (red circle).
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6.3.2 PROBE PREPARATION AND HANDLING
Before measurement, the probe tips should be inspected to be clean and not worn off
in any way using a conventional microscope, preferably with a high resolution. If cleaning
is necessary, a clean room tissue soaked with a fast-condensing alcohol (e.g. isopropyl
alcohol) can be used for careful cleaning under the microscope. The author had positive
experiences cleaning the probes by simply dragging the soaked tissue gently over the
probe tips while applying as less pressure through the tissue as possible. The tissue should
only be dragged in the direction from the probe body to the probe tips, since the tips are
built to show a certain ﬂexibility if pressure is applied from this direction (i.e. pressure from
contacting the probes to a surface). This process should be repeated both for the top as
well as bottom side of the probes.
Before mounting the probes to waveguides for connection, the probe tip inclination
should be checked on the wafer prober: Due to the small size of the probe tip, even a
slight deviation in the inclination angle could lead to one ground pin contacting the pad
surface, while the other one is still ﬂoating in the air above it. For extreme angles, this
can easily lead to destruction of the probe by bending of one of the ground tips. For less
extreme cases, bad inclination decreases the measurement quality due to unreasonable
peaks or higher noise occuring in the measurement data. To avoid such results, the mi-
crometer screw on each probe head can be used for adjustment of the inclination angle:
Gently touching the probe on a soft metal surface on any substrate, the resulting footprint
can be observed and used to adjust the inclination angle properly. From the experience of
the author, especially a ﬂat metal area made out of thick gold is suitable for this task, since
the rather soft gold shows the clearest probe tip footprints, offering a good contrast for
inspection through the microscope. Additionally, the soft surface leaves a margin for mis-
takes such as extreme angles or too high pressure, since the probes will not get stressed
as much as on a harder surface such as copper. This is the reason why such a ﬂat metal
area is included in every set of calibration standards as shown in Fig. 6.7.
During placement of the probes for measurement, the operator should closely observe
the tips through the microscope and check the S-Parameters shown on the NA every time
prior to lowering the probes further. Often the visual inspection does not give convenient
information, if a contact has already been established (i.e. for rough metal surfaces, one
can often not see the actual footprint clearly, since it is concealed in the structure of the
surface). However, a distinct change in the reﬂection data for the probe being contacted
can serve as a clue for successful placement. Additionally, the transmission data gives a
strong indication of a proper connection of both probes: The transmission of the measured
transmission line increases with decreasing distance of the probes to the pads and shows
clear transmissive characteristics the moment the second probe touches the conductive
pad surface. From the experience of the author, it does not bring any beneﬁt to lower the
probes any further as soon as a stable transmission can be observed on the NA. To the
contrary, measurement repeatability decreases due to increasing destruction of the probe
pad.
Therefore, for cautious probe handling the author suggests the following procedure:
1. Inspect and clean the probes prior to measurement, if necessary.
2. Mount the probes and adjust inclination, so that both ground tips show about the
same footprint. Do this before mounting the probes to connecting waveguides, since
these need to be adjusted to the angle of the probe waveguide after proper adjust-
ment of the probe.
3. For a conveniently observable probe footprint, use a soft metal surface, i.e. a surface
ﬁnished with gold or an off-chip calibration substrate with typically thick gold plating.
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4. During measurement, observe not only the probe tips through the microscope, but
also the reﬂection and transmission data: Distinct changes in the reﬂection data hint
the establishment of a contact for one probe, while the transmission data gives clear
indication of successful contact of both probes.
5. Do never apply more pressure than necessary to establish a connection. As soon as
a reasonable S-Parameter measurement has been established (i.e. can be observed
on the NA), the measurement quality does usually not increase any further by in-
creasing the pressure. To the contrary, measurement repeatability decreases due to
increasing destruction of the probe pad.
During placement it can occur that a probe tip picks up some of the metal from the con-
tacted surface. Sometimes these metal particles stick to the probe tip after lifting of the
probe and deteriorate further measurements. As a simple countermeasure, the author
found that lifting the probe higher and gently blowing on the probe tip might be sufﬁcient
for cleaning. This approach avoids dismounting the probe completely for cleaning, which
would result in the necessity of calibrating and performing the measurements again. If this
simple workaround would not solve the issue, the operator needs to evaluate if the impact
on further measurements is small enough or even negligible to justify proceeding the mea-
surements. From the experience of the author, picking up metal particles from the surface
usually results in inexplicable peaks in the measurement data, presumably due to a de-val-
idation of the calibration at certain frequencies. Again, this emphasizes the importance of
proper probe handling.
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TRANSMISSION LINES
Some of the information presented in this chapter has already been published by the author
and is taken in part from [SP19].
7.1 INTRODUCTION AND CHOICE OF MATERIALS
To show the general applicability of the proposed procedure, TLs on different substrate
materials are fabricated for measurement:
• PCB
– Rogers Ultralam® 3850 (RO3850, [Rog16e])
– Rogers RO3006™ (RO3006, [Rog16c])
– Rogers RO3010™ (RO3010, [Rog16c])
• On-chip/on-wafer
– Polyimide (PI-I and PI-II, [Hig16])
– Ormocer® (ORMO, [Fra17])
– Benzocyclobutene (BCB, [The17])
– Silicon dioxide (SiO2, [IHP17; SBD+14])
– Polyimide foil (PI-foil, [UBE17])
Over the course of this work and the last years, several planar materials and especially
PCB substrates have been measured by the author. The PCB substrates presented in the
following are measured up to 67GHz and will serve as example for measurements of this
kind in general (covering awide range of substrate permittivity values) aswell as for proof of
principle measurements: For these PCB substrates, the manufacturer gives measurement
data for the permittivity and dielectric loss tangent. Since such data is usually not available
for the on-chip materials listed above and especially for the high bandwidth measured in
this work, no validation of the developed method by comparison with reference data would
be possible otherwise.
On the PCB and PI substrates, both MS and GCPW TLs are fabricated. On ORMO and
BCB, only MS TLs are produced, while the SiO2 and PI-foil substrates only consist of CPW
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TLs. The choice of TLs is bound to the constraints given by the respective fabrication pro-
cesses, such as availability of a conductive ground plane or vias, resolution of surface struc-
turing or substrate thickness.
Using simulations with Ansys® EM Suite and an estimation for the substrate permittivity
for each substrate, the geometries for the TLs on all substrates are chosen to 50Ω over the
measurement frequency range, with the exception of the TLs on SiO2, which are chosen
to about 30Ω with respect to the demands of the project involved. However, due to the
usual process deviations for the commercial PCB as well as custom on-chip processes
used, slight deviations to the target geometry are unavoidable. The ﬁnal 2D geometries
as well as the fabricated layer buildup of the TLs is measured using both a conventional
lab microscope with high resolution as well as raster electron microscopy (especially for
the layer buildup in case of the on-chip materials). Further information on the TL buildup,
details concerning fabrication of every substrate and the ﬁnal values for the TLs are given
in the respective sections.
In the following, the results for the different PCB substrates are presented. The data is
used to evaluate the developedmethod using uncertainty analysis and comparisonwith ref-
erence data supplied by the substrate manufacturer. Additionally, the inﬂuence of different
surface ﬁnishes (e.g. nickel plating) and TL layout (MS and GCPW) is discussed. The results
for the different on-chip substrates are given in Sec. 7.5 together with a brief introduction
to each substrate. As already argued above, comparison to reference data supplied by the
manufacturer is not feasible for the on-chip substrates, which is why they are compared
with available measurement data known from recent publications.
7.2 PCB MEASUREMENTS UP TO 67GHZ
The results for the three different PCB substrate materials with MS and GCPW TLs are
given in the following sections. The layout for every PCB is identical except for alterations in
the TL cross-sections, since different planar geometries are necessary for matching about
50Ω on the different substrates, see Tab. 7.1 (values apply for MS and GCPW). For an
impression of a typical cross-sectional view on a PCB cut used for thickness determination,
see Fig. 7.12, while a view on a GCPW layout on the wafer prober is given in Fig. 7.1b. The
surface ﬁnish is chosen to ISIG, with negligible thickness for both Ag and Au. Different
surface ﬁnishes will be discussed in more detail in Sec. 7.4.
An overview on the general PCB layout as found on every PCB is given in Fig. 7.1a: At
the top, two identical sets of custom mTRL calibration standards are included to allow
some redundancy and counter wearing off of the probe pads due to measurements. Five
TLs used for measurements are placed at the bottom. The pad structure and total size of
the layout is dependent on the substrate permittivity. The total size in case of the largest
layout on RO3850 (corresponding to the lowest substrate permittivity) is about 5.6 cm x
5.6 cm. The probe pad structures differ depending on the chosen substrate and need to be
decreased in size with increasing substrate permittivity, see Sec. 6.3.1.
In the following section on RO3850, the general approach and representation of the
Table 7.1: Measured values of PCB TL geometries.
substrate height [um] thickness [um] width [um] gap [um]
RO3850 100 23 235 100
RO3060 130 17 178 96
RO3010 130 33 90 121
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(a) (b)
Figure 7.1: Layout on PCB consisting of GCPW (a, left) and MS (a, right) structures with
a total size of about 5.6 cm x 5.6 cm in case of RO3850 (top layer , bottom
layer , vias ). Photograph of PCB (GCPW on RO3850) ﬁxated on wafer
chuck using conventional tape (b).
results is explained in detail once. The subsequent results for PCB measurements follow
this representation.
7.2.1 RO3850
The real part of the substrate permittivity for ﬁvemeasurements ofMS andGCPW is shown
in Fig. 7.2a and Fig. 7.2b, respectively, while the mean value as well as 95% conﬁdence
bounds are given by two times the standard deviation (assuming a normal distribution) in
each direction. Additionally, the substrate permittivity extracted from the effective permit-
tivity obtained during calibration is shown. The substrate permittivity calculated from the
(a) MS. (b) GCPW.
Figure 7.2: RO3850: Real part of substrate permittivity for ﬁve measurements (coloured
lines) together with mean value ( ) and 95% conﬁdence bounds ( ) thereof.
The substrate permittivity extracted from the effective permittivity obtained dur-
ing calibration is given as well ( ).
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(a) MS. (b) GCPW.
Figure 7.3: RO3850: Total loss (mean value , calibration ) separated into conduc-
tor loss ( ) and dielectric loss ( ) using the generic model. Dielectric loss
tangents are obtained using the generic model ( ) and the multi-pole Debye
model ( ).
effective permittivity obtained during calibration lies within the 95% conﬁdence interval
and shows excellent agreement with the mean value over ﬁve measurements, therefore
implying that the calculation based on calibration data is already sufﬁcient for a result com-
plyingwith awhole series of measurements. This is reasonable, since themTRL calibration
is carried out over measurements of several calibration lines and virtual differences thereof,
effectively applying an averaging during calibration, which is evidently comparable to the
one shown here.
In Fig. 7.3a and Fig. 7.3b, the total loss for ﬁve measurements is given together with the
mean value and the value obtained during calibration. Since the spread of themeasurement
data is negligible compared to the results for the permittivity for all PCB measurements
presented in the following, it seems inappropriate to give a conﬁdence interval as before,
which is why the author decided to only give the mean value for all following related ﬁgures.
Additionally, the dielectric loss tangent extracted from the mean permittivity value shown
above is given as well.
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7.2.2 RO3006
The results for RO3006 are given in Fig. 7.4 and Fig. 7.5.
(a) MS. (b) GCPW.
Figure 7.4: RO3006: Real part of substrate permittivity for ﬁve measurements (coloured
lines) together with mean value ( ) and 95% conﬁdence bounds ( ) thereof.
The substrate permittivity extracted from the effective permittivity obtained dur-
ing calibration is given as well ( ).
(a) MS. (b) GCPW.
Figure 7.5: RO3006: Total loss (mean value , calibration ) separated into conduc-
tor loss ( ) and dielectric loss ( ) using the generic model. Dielectric loss
tangents are obtained using the generic model ( ) and the multi-pole Debye
model ( ).
98
7.3 Method Evaluation and Uncertainty Analysis Based on PCB Measurements
7.2.3 RO3010
The results for RO3010 are given in Fig. 7.6 and Fig. 7.7.
(a) MS. (b) GCPW.
Figure 7.6: RO3010: Real part of substrate permittivity for ﬁve measurements (coloured
lines) together with mean value ( ) and 95% conﬁdence bounds ( ) thereof.
The substrate permittivity extracted from the effective permittivity obtained dur-
ing calibration is given as well ( ).
(a) MS. (b) GCPW.
Figure 7.7: RO3010: Total loss (mean value , calibration ) separated into conduc-
tor loss ( ) and dielectric loss ( ) using the generic model. Dielectric loss
tangents are obtained using the generic model ( ) and the multi-pole Debye
model ( ).
7.3 METHOD EVALUATION AND UNCERTAINTY ANALYSIS BASED
ON PCB MEASUREMENTS
The data given on PCB serves as basis to evaluate the method and perform an uncertainty
analysis for the substrate permittivity. To give a comprehensive evaluation beyond uncer-
tainty, several criteria are considered in the following:
• Uncertainty, which is a measure of how well the investigated parameter can be de-
termined and covers all (systematic and random) errors.
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• Repeatability, which is a measure of how well the measurement can be repeated.
• Sensitivity, which is a measure of how strong a measured response is to a change in
the investigated parameter.
• Selectivity, which is a measure of how well the investigated parameter is distin-
guished from other inﬂuential factors.
The uncertainty covers all systematic and random errors and can be interpreted as maxi-
mum total error. It already includes repeatability issues, which is why the additional sec-
tion addressing repeatability will discuss a statistical measure of the repeatability error
obtained from measurement instead. A comparison with the uncertainty will be given and
implications thereof discussed.
The given criteria will be discussed in more detail in the following sections with the
exception of selectivity, which is assumed to be perfect: The permittivity is the only pa-
rameter left in the general model discussed in Sec. 3.2.4, that can represent phase-related
effects such as dispersion due to polarization. It is decoupled from the permeability by
μr = 1, which additionally solves the problem of multiple roots for the solution space of
the permittivity, see Sec. 3.2.4, and the correction for internal inductance is applied as
described in Sec. 5.4. As a consequence, all phase-related effects are modelled only into
the permittivity, since the permeability as only other parameter capable of representing
phase-related effects virtually vanishes. Possibly remaining effects due to surface ﬁnishes
are investigated in Sec. 7.4.
7.3.1 UNCERTAINTY
Several systematic errors can contribute to the total uncertainty of the developed method,
such as [BVK90]
• errors in measuring the magnitude and phase of the S-Parameters,
• uncertainty in the reference plane positions,
• errors arising from the simulation used for permittivity mapping,
• connector or TL mismatch and
• coupling to higher order modes.
Since higher order modes are avoided by TL design and connector or TL mismatch are
eliminated through the mTRL calibration, these sources of uncertainty can be neglected.
The preliminary analysis of the port geometry as discussed in Sec. 5.6.3 assures conver-
sion of the simulated parameters within the already negligible convergence tolerance of
the simulation, so that this systematic error can be omitted as well.
The only sources of uncertainty remaining are errors in the magnitude and phase mea-
surement of the S-Parameters by the NA and an uncertainty in the reference plane position,
which is mainly attributed to probe misplacement, since the physical TL length is accurately
known from design and microscopic measurement after fabrication. To address these un-
certainties and estimate the total uncertainty of the method, the residual sum of squares
method is used on the results for the effective permittivity in the following, since this
quantity is directly assignable to the measured parameters. The obtained uncertainty is ap-
plicable to the substrate permittivity as well, since the mentioned errors translate directly
to the substrate permittivity after mapping.
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Table 7.2: Calculated total uncertainty for different length deviations and frequencies.
length deviation > 1GHz > 5GHz > 10GHz
50 um ±3.9% ±1.0% ±0.8%
100um ±4.3% ±1.6% ±1.3%
200um ±4.8% ±2.7% ±2.5%























The single terms cover the dependency on magnitude and phase of the transmission
coefﬁcient as well as reference plane positions, which is modelled as an uncertainty in the





















(ln2(|T |) − (ϕ(T ) + 2πn)2) (7.4)
The uncertainty in magnitude and phase for transmission measurements using the NA
is given in its speciﬁcations [Roh18]. These values are strongly dependent on frequency
and output power, while the uncertainties relevant for the discussed measurements are
given as < 0.1 dB or < 1° for 700MHz to 24GHz and < 0.2 dB or < 2° elsewhere. As a
consequence, the calculated uncertainties show small jumps at the transition frequencies.
The length deviation accounts for misplacement of both probes and is not sensitive to
direction, which is reasonable, since only the total uncertainty in the reference plane posi-
tions is relevant. To account for different operators working at the wafer prober and thus
include reproducibility issues in this analysis, three values for the deviation from the mea-
sured length are assumed, with 50 um representing a small deviation (i.e. an experienced
operator), 100 um representing a typical deviation and 200 um representing a large devia-
tion (i.e. an inexperienced operator). From the experience of the author, these three cases
should represent the extent of possible deviation in length very well, since a larger devia-
tion than about 200 um is hardly to occur even with an inexperienced operator working at
the wafer prober, while about 50 um is the deviation usually achieved by the author during
measurements1.
The resulting total relative uncertainty is shown in Fig. 7.8, together with the single
relative uncertainties for the magnitude, phase and length deviation (exemplary for 100 um)
only. Evidently, the error in phase measurement as well as length uncertainty are the main
contributions to the total uncertainty, with the error in magnitude negligible for frequencies
higher than about 10GHz. The uncertainty in phase converges to a constant value with
increasing frequency, as the relative error in phase measurement decreases. The total
uncertainty for all three length variations and different frequencies is given in Tab. 7.2.
1No data to support this claim is given in this work. However, an investigation of the footprint of probes over
several measurements on the same TL strongly suggests, that the usually achieved placement error for
both probes is about 50 um.
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Figure 7.8: Different sources of uncertainty (dashed/dotted lines) and total relative uncer-
tainty for different length deviations (solid lines).
7.3.2 REPEATABILITY
The repeatability error is already covered by the length deviation included in the total uncer-
tainty. It can, however, be obtained implicitly from measurement and compared to the total
uncertainty, by taking a closer look at the statistical data already given for the separate PCB
substrates before, see Fig. 7.9: Two times the relative standard deviation (normalized with
the mean value) gives a measure for the relative spread of the data over several measure-
ments, providing 95% conﬁdence bounds for the expected value. This gives an implicit
measure of measurement repeatability, which is below about 0.5% for RO3850 and below
1.25% for RO3006 and RO3010. According to the uncertainty analysis presented before,
no reason is given to assume that the repeatability error or total uncertainty scales with the
substrate permittivity, so that all six substrates should show about the same repeatability
error. This is evidently not the case, which is explained by the author with ﬁxture-related
issues not explicitly covered by the uncertainty analysis:
In case of all PCB measurements, the substrates are very thin layers of the chosen mate-
rial, which is necessary to enable operation up to 67GHz. As a consequence, PCB handling
in any measurement setup becomes increasingly difﬁcult with reduced substrate height,
as placing or ﬁxating the PCB under test is very cumbersome. In case of the measured
Figure 7.9: Two times the relative standard deviation (normalized with the mean value)
gives the repeatability error for the unloaded PCBs under investigation.
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substrates and from the experience of the author, the best approach is to simply tape the
paper-like PCBs directly on top of the wafer chuck, see Fig. 7.1b.
With a substrate offering a convenient stiffness with respect to its height, this approach
works very well, as is the case for RO3850. In case of RO3006 and RO3010, the much
more paper-like substrate texture made it rather difﬁcult to ﬁxate it on the wafer chuck
without waviness due to the stress introduced by the tape as well as small air pockets re-
maining below the substrate. Consequently, the PCB surface tended to be a bit wavy over
the total TL length, so that probe contact and overall measurement quality seems not to
be that repeatable as with RO3850. This claim is backed by the observation, that not only
the mean values for the permittivity for RO3006 and RO3010, but also the values already
obtained during calibration show signiﬁcantly more variation over the measured frequency
range compared to the two RO3850 measurements. From a practical perspective, it can
be assumed that the level of the surface contacted by the probes is not perfectly adjusted
to the wafer chuck surface. This can even be observed with the microscope during probe
placement, as the image of the PCB surface focuses with probe contact. All aforemen-
tioned effects are represented in the repeatability error, introducing an increased variation
as well as decreased repeatability in general.
From an analytical perspective, these ﬁxture-related effects can be interpreted and mod-
elled as an increased probe placement uncertainty, since the additional probe way travelled
to ﬁxate the substrate surface with the probe in addition to the waviness inﬂuences probe
placement. This inﬂuence can therefore be understood as an increased length deviation,
which agrees well with the uncertainty analysis: In case of RO3850, the measured repeata-
bility error of below 0.5% is well below the calculated total uncertainty of about 0.8% for
50 um deviation at frequencies higher than 10GHz. In case of RO3006 and RO3010, the
measured repeatability error of about 1.15% is still below the calculated total uncertainty
of about 1.3% for 100 um deviation at frequencies higher than 10GHz.
Conclusively, the author sees the aforementioned ﬁxture-related issues as reasonable
explanation for the observed deviations and increase in the measured repeatability error.
Accounting for these effects with an increased length deviation in the uncertainty analysis,
the deviation is shown to correspond to the given uncertainty bounds: In all cases, the
measured repeatability is lower than the calculated total uncertainty.
7.3.3 SENSITIVITY
The sensitivity for the unloaded measurements is deﬁned as the change in effective sub-





As discussed in Sec. 5.6.2, this parameter can be understood as gradient of the linear
relationship of εr,sub,eff and εr,sub. For a constant characteristic impedance of 50Ω it is not
dependent on substrate permittivity, see Tab. 7.3.
Table 7.3: Simulated exemplary sensitivity Δsub for unloaded MS and GCPW with charac-
teristic impedance of about 50Ω on RO3850 and RO3010 at 31GHz.
ε′r,sub MS GCPW
3.0 (100 um) 0.64 0.68
10.2 (130 um) 0.65 0.67
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3.0 (100 um) 0.23 (237 um) 0.25 (108 um) 0.28 (51 um)
10.2 (130 um) 0.27 (110 um) 0.32 (34 um) 0.37 (8 um)
Table 7.5: Simulated exemplary sensitivity Δmut for loaded GCPW on RO3850 and RO3010









3.0 (100 um) 0.34 (237 um) 0.35 (114 um) 0.37 (59 um)
10.2 (130 um) 0.38 (110 um) 0.40 (35 um) 0.42 (12 um)
The sensitivity for the loaded measurements is deﬁned as the change in effective permit-







In Tab. 7.4 and Tab. 7.5, exemplary sensitivities for MS and GCPW for different substrate
permittivities and characteristic impedances are given:
In general (for both MS and GCPW), sensitivity increases slightly with increasing char-
acteristic impedance as the strip width decreases and with increasing substrate permit-
tivity. The former comes at the cost of more severe requirements for the technology and
fabrication, as very small strip widths cannot be manufactured or only at high costs, see
related comments on the limitations of PCB fabrication in Sec. 6.3.1. Additionally, the dy-
namic range of any measurement of a TL differing from 50Ω decreases, as the system
impedance of the measurement setup is bound to 50Ω. The latter comes at the cost of
decreased measurement bandwidth, see related comments on the limitations of high-per-
mittivity substrates in Sec. 6.3.1. Due to these reasons and the only slight increase in
sensitivity in both cases, the author decided for a characteristic impedance of 50Ω for all
TLs measured in this work. Besides these remarks, it can be noted that GCPW shows an
increased sensitivity compared to MS.
Even though only one frequency is shown here and the slope of the given relationships
and therefore sensitivity changes with frequency, the general characteristics stay the same
(e.g. sensitivity increases with characteristic impedance), so that the conclusions derived
from the given data are valid for all frequencies. Additionally, the height of the substrate
does not affect the sensitivity as long as the TL’s characteristic impedance is kept constant.
As a consequence of the thoughts presented in this section, the results for loaded GCPW
on RO3850 have been chosen to present the measurement of loaded TLs, which is further
discussed in Sec. 8.1.
7.3.4 CONCLUSION AND COMPARISON WITH REFERENCE VALUES FOR PCB
For the sake of easy comparability, the results for all measured PCBs are condensed in
Fig. 7.10 and Fig. 7.11.
The GCPW values show about identical dispersion and a small offset in magnitude com-
pared to the MS values, which can be explained by a small anisotropy of the substrate and
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Figure 7.10: Measured real part of substrate permittivity for RO3010 (top), RO3006 (center)
and RO3850 (bottom) substrates. Blue and red lines indicate data for MS and
GCPW, respectively, while the obtained ﬁt is shown in black. Reference values
for 10GHz as given by the substrate manufacturer are given in brackets.
(a) Generic model. (b) Multi-pole Debye model.
Figure 7.11: Dielectric loss tangent obtained from measurement data ﬁtted to loss mod-
els for different PCB materials. Reference values for 10GHz as given by the
substrate manufacturer are given in brackets and apply for MS and GCPW.
the different directions of characterization of the substrate due to the minimal different ori-
entations of the electrical ﬁeld lines in MS and GCPW. The ﬁts for all measurements agree
excellently with the measurement data, with a MAE in the order of magnitude of 0.001.
The values for the calculated dielectric loss tangent shown in Fig. 7.11 are in the same
order of magnitude, with the values obtained from the multi-pole Debye model showing
strong frequency-dependent characteristics, while the values obtained from the generic
model are about constant with frequency. For the following discussion, only the values
from the generic model are considered.
The total uncertainty is given in Fig. 7.8 and Tab. 7.2 and gives reason to expect a to-
tal maximum measurement error of below ±4.3% for frequencies higher than 1GHz, be-
low ±1.6% for frequencies higher than 5GHz and below ±1.3% for frequencies higher
than 10GHz assuming a typical probe operator. Analysis of the repeatability error obtained
from statistical measurement data shows that repeatability is dependent on ﬁxture-related
issues, which can be accounted for by modelling an increased length deviation during un-
certainty analysis. To cover all discussed effects and allow for an additional margin of error
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for the presented analysis, the author ﬁnds it reasonable to assume the effective total un-
certainty to be at least below ±3% for frequencies higher than 5GHz. The author wants
to point out, that this total uncertainty and especially high additional margin of error repre-
sents a very conservative estimation, so that the true uncertainty is expected to lie below
this value.
Concerning the dielectric loss tangent, the given uncertainty values apply directly to val-
ues obtained from the multi-pole Debye model: Taking the theory given in Sec. 2.5 into
account, a constant offset in the real part (i.e. +3%) results in the same imaginary part, as
only the frequency-dependent slope and not actual magnitude of the real part is relevant
for the calculation of the imaginary part. However, even with identical imaginary parts, the
uncertainty in the real part translates directly into the calculation of the dielectric loss tan-
gent as shown in Eq. 2.18. In case of the generic model, both the uncertainty of the real
part as well as the general measurement uncertainty of the total loss are to be considered:
The former translates directly into the dielectric loss tangent as for the multi-pole Debye
model, but only with a weak square-root dependency, see Eq. 5.29. The latter follows the
uncertainty for measurements of the magnitude given by the NA, which is negligible con-
cerning the high total loss values measured before calibration. From the experience of the
author, the total loss can be determined with high repeatability and low uncertainty using
the given NA and sufﬁciently long measurement lines. In both cases (multi-pole Debye
and generic model) the application of the small uncertainty bounds within a single-digit
percentage alters the dielectric loss tangent negligibly (i.e. around 0.006 ± 0.0002 in case
of the PCB substrates and 3% uncertainty), which is not required for practical purposes:
For most applications, it is sufﬁcient to know the order of magnitude of the dielectric loss
tangent, as the absolute digits are practically irrelevant.
COMPARISON WITH REFERENCE VALUES
For the substrate permittivity as well as dielectric loss tangent, the substrate manufac-
turer gives measurement values at 10GHz in the respective datasheets [Rog16e; Rog16c],
which represent average values found by measurements of several lots of substrates of
different substrate heights, see Tab. 7.6. The measured mean values over ﬁve measure-
ments on MS (rounded to one decimal place) and corresponding ±3% uncertainty bounds
for each PCB are given as well. The MAE serving as a ﬁgure of merit for the quality of the
ﬁt to the multi-pole Debye model is in the order of magnitude of 0.001 for all unloaded PCB
measurements. As a consequence, the ﬁt can be assumed to ideally cover the measure-
ment data and neglected as an additional source of error.
No further information on the uncertainty of the measurement method or the statistical
spread of the averaged measurement data over several lots around the given values is sup-
plied in the data sheets or the respective test manual [IPC16], even though the displayed
number of decimal places implies an uncertainty of about 0.01 in terms of permittivity
and 0.0001 in terms of dielectric loss tangent. Since this would imply an unexpected low
uncertainty and due to the unavailability of any ﬁgure of merit given to agree upon these val-
ues, the author assumes that the number of decimal places is misleading and no accurate
Table 7.6: Measured and reference data for MS on PCB substrates at 10GHz.
substrate ε′r,sub (reference) tan δd (reference)
RO3850 3.1±0.1 (3.14) 0.006 (0.0025)
RO3006 7.0±0.2 (6.50) 0.007 (0.0020)
RO3010 11.3±0.3 (11.20) 0.006 (0.0022)
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depiction of the actual uncertainty.
For the reference data given by the manufacturer, a stripline-based method is used for
characterization [IPC16]. Therefore, the given values are most likely comparable only to
the values obtained from the MS measurement, due to the structural similarity of MS and
stripline: The direction of the ﬁeld lines with respect to the substrate orientation is the
same in both cases, i.e. perpendicular to the conductors for the electrical ﬁeld (directing
from top to bottom conductor). For GCPW, this is not the case, as most of the ﬁeld lines
are rotated by 90 degrees (directing from top signal to top ground conductor).
Comparing these reference values for 10GHz given in Tab. 7.6, the deviations for the
three given values of permittivity covering a range from about 3 to about 12 are within
a single-digit percentage. The measured values for RO3850 (1.3%) and RO3010 (0.9%)
show excellent agreement, while the reference values are well within the ±3% uncertainty
bounds of the presented measurement data. In case of RO3006, however, the resulting
mean value is about 7.6% higher than the reference value and even applying the maximum
error this deviation only reduces to 4.6%. Since no uncertainty analysis for the measure-
ment method applied by the manufacturer is given [Rog16c; IPC16], checking the overlap
of the uncertainty intervals for method cross-evaluation is not possible. The dielectric loss
tangent results deviate by a factor of two to three, while the order of magnitude agrees
with the reference data, which is usually sufﬁcient for most applications.
Even though no further analysis of the discussed deviations can be given by the author
as no detailed information on the measurement method for the reference data is given by
the manufacturer, it is feasible to say that the results for all discussed substrates agree
reasonably well from a practical perspective.
7.4 SURFACE FINISHES AND INFLUENCE OF NICKEL
During the work on this thesis and as already discussed in Sec. 5.5, it transpired that the
presence of nickel coating in a conductor may alter the TLs propagation characteristics and
thus affect the measured permittivity. As a consequence, the effect of different surface
ﬁnishes has been investigated, with the results presented in the following.
7.4.1 CHOICE OF SURFACE FINISHES
For evaluation of different surface ﬁnishes, a PCB consisting of ﬁve times the same layout
is fabricated. After fabrication, the ﬁve layouts are separated into ﬁve identical PCBs, while
a different surface ﬁnish is applied to each one:
• Copper only, which will serve as benchmark (CU)
• Electroless nickel immersion gold (ENIG)
• Electroless palladium immersion gold (EPIG)
• Immersion silver immersion gold (ISIG)
• Copper masked with a coverlay (CU+CL)
Before separation into single PCBs, all ﬁve layouts are placed in close proximity on a
RO3850 substrate to minimize position-dependent deviations due to fabrication (e.g. dif-
ferences in copper growth during via metallization or the etching processes involved). Ev-
ery layout includes MS and GCPW TLs for measurement with a characteristic impedance
of about 50Ω and custom multiline Thru-Reﬂect-Line standards in the same technology,
which are used for calibration.
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(a) Detailed view on Ni layer. (b) View on PCB cross-section.
Figure 7.12: ENIG surface ﬁnish: The MS conductor traces are made of copper (thickness
of about 23 um) and plated by a nickel layer of about 5 um thickness (left). The
nickel layer can easily be seen even in the cross-section of the PCB (right; PCB
shown in the right ﬁgure is not the one measured). A gold layer is applied on
top of the nickel to passivate the surface and avoid oxidation. The gold layer is
not visible in the picture due to its small height (about 100 nm) and the limited
resolution of the microscope used.
The cross-sectional geometry of all PCBs is measured directly after fabrication using
a cut through the substrate, see Fig. 7.12 for ENIG ﬁnish. The resulting total conductor
thickness is about 28 um and the same for all PCBs after fabrication: Since the palladium,
silver and gold layers used in the ENIG, EPIG and ISIG ﬁnishes are only about 100 nm
thickness each [Con17], their inﬂuence on the total thickness is negligible. For the ENIG
ﬁnish, the copper thickness is etched to about 23 um, so that the total thickness with the
additional nickel layer of about 5 um (see Fig. 7.12a) resembles the thickness of 28 um
of the other PCBs. In case of the CU+CL ﬁnish, a PCB identical to the copper only one
showing a thickness of 28 um is covered by a polyimide coverlay [DuP17] with a height of
25 um.
The data for permittivity mapping is obtained from simulations as explained in Sec. 5.6,
while the MS conductor is assumed to be composed of copper only, so that the effect of
the different surface ﬁnishes is expressed in the results and not concealed by the simula-
tion.
7.4.2 MEASUREMENT RESULTS AND DISCUSSION
The measured substrate permittivity and loss are given in Fig. 7.13 and Fig. 7.14. For
RO3850, the substrate permittivity shows a small deviation compared to the value dis-
cussed before (3.1±0.1 for RO3850 at 10GHz), which is attributed to the measured sub-
strates belonging to different fabrication batches. The CU and ISIG results show about
the same values for the permittivity, while ENIG presents a strong dispersion from DC
onwards and converges to the CU and ISIG values at about 20GHz. The EPIG result dif-
fers considerably from the aforementioned results, presenting both an offset as well as a
slightly different slope. In both cases (ENIG and EPIG), the effect is pronounced stronger
for GCPW.
Since the only difference in these PCBs is the metal buildup, the nickel/palladium plating
must cause the observed characteristics. As the current distribution in a GCPW concen-
trates more in the surface ﬁnish present on the conductor edges forming the GCPW gap
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(a) MS. (b) GCPW.
Figure 7.13: Measured substrate permittivity for the different surface ﬁnishes: ENIG shows
considerable dispersion up to about 20GHz, while EPIG shows a slightly differ-
ent dispersion and offset. In both cases, the effect is pronounced stronger for
GCPW. The CU+CL ﬁnish differs signiﬁcantly from the other measurements
due to the introduction of the additional dielectric layer on top of the TL.
(a) MS. (b) GCPW.
Figure 7.14: Measured total loss for the different surface ﬁnishes and extracted effective
permeability.
compared to MS, this explains the stronger emphasis of these characteristics for GCPW
as well.
The remaining difference in the substrate permittivity between the ENIG/EPIG and the
CU ﬁnish implies an increased phase of the measured TLs, which can be modelled into
an effective permeability, see Fig. 7.14. Since the current distribution is dependent on fre-
quency (skin effect) and concentrates not only in the metal ﬁnish (nickel/palladium), but is
distributed over all metals building the conductor (i.e. gold/nickel/copper or gold/palladium/
copper), only an effective permeability can be considered here. Following this chain of
thoughts, the real permeability of nickel/palladium is expected to show a higher value than
the effective one. In case of the CU+CL ﬁnish, the applied coverlay introduces an additional
dielectric layer above the MS, which increases the effective permittivity (and dielectric loss)
and alters the dispersive characteristics of the TL. In case of the nickel ﬁnish, the result
presented for the frequency dependency of nickel agree well with the discussion of related
results from literature in Sec. 5.5.
Considering the loss, the dispersion of the CU, ISIG, EPIG and CU+CL results is about
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Table 7.7: DC conductivity and susceptibility of materials used in measured surface ﬁn-
ishes [Mat79; Luc08; Lid00].




Ni 1.43 > 50
Pd 0.95 8.0·10-4
the same for MS. The magnitudes follow the conductivity of the associated metals (e.g.
copper and silver with the highest conductivity showing the lowest loss, see Tab. 7.7 in
the following), while the CU+CL PCB with copper conductors shows an increased loss due
to the coverlay introducing additional dielectric loss. The ENIG PCB presents the highest
loss due to the low conductivity of the nickel, while the characteristic slope for conductor
loss proportional to the square root of frequency can be recognized up to about 15GHz
as well. Due to the skin effect increasing with frequency, most of the current ﬂowing at
the top surface of the MS or the side surfaces of the GCPW is concentrated in the nickel
layer, explaining the observed increase in loss and characteristic slope. The same applies
for the EPIG ﬁnish, but since the palladium layer thickness (about 100 nm) is considerably
smaller than the nickel layer thickness (about 5 um), the square root dependency cannot
be observed as strong. Due to the conductivity of palladium being lower than the one of
nickel, however, the loss is increased compared to the other ﬁnishes. Again, in both cases
(ENIG and EPIG), the effect is pronounced stronger for GCPW, while the EPIG ﬁnish shows
considerably more loss compared to the MS case: Interestingly, no such characteristic and
strong increase proportional to the square root of frequency as for the ENIG case can be
observed, implying that the increase in loss is not related to an increase in resistance due
to skin effect.
The strong deviation for EPIG suggests the presence of a phase-affecting property such
as a permeability, even though this is not indicated by the value for DC known from litera-
ture, see Tab. 7.7. While not investigated any further in this work and following the given
chain of thoughts, the author suspects that the qualitative difference in susceptibility (pos-
itive sign and rather high value compared to the other metals) as well as the speciﬁc metal
layer buildup may be accountable for the observed characteristics.
7.5 ON-CHIP MEASUREMENTS UP TO 500GHZ
Not all on-chip substrates show reasonable results up to 500GHz due to ﬁxture or contact-
ing issues as will be further discussed in the following sections. As a result, the BCB and
PI-foil substrates are only measured up to 325GHz. The upper frequency limits used for
the multi-pole Debye model as well as for the generic model are given in Tab. 7.8. These
frequencies have been chosen so that unreasonable results (e.g. noise) are excluded from
the ﬁt.
While the PI and SiO2 substrates are fabricated using commercially available processes,
the ORMO, BCB and PI-foil substrates have been developed together with [Tec17b] dur-
ing the investigation of promising technology platforms for the HAEC project [Deu18b].
Since ORMO emerged early as a very promising candidate for such an application, it has
been further developed in terms of processing capabilities, with the other two substrates
presenting issues during fabrication. These will be discussed in the respective sections.
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PI-I MS 400 400
PI-I GCPW 325 325
PI-II MS 500 500





In the following two sections on the PI and ORMO substrates, exemplary representa-
tions of the microscopic, REM and surface analyses, which are used for TL layout, layer
buildup and roughness determination after fabrication, will be given once. The presented
approach is valid for the other on-chip substrates as well.
Even though the ﬁt of themeasurement data ofmost on-chip substrates to themulti-pole
Debye model is of convenient quality, it does not achieve values as low as in the PCB case,
justifying a deliberate negligence. Consequently, the MAE for every substrate material
presented in the following is given as well.
7.5.1 POLYIMIDE-I AND POLYIMIDE-II
For different projects over the course of this work, MS and GCPW TLs on two PI substrates
(PI-I and PI-II) are fabricated, see Fig. 7.15 and Tab. 7.9. A commercially available process
for ﬂexible PI multi-layer fabrication is adapted in close collaboration with the manufac-
turer [Hig16], while each substrate is layered on a bulk ceramic wafer to increase mechan-
ical stability and substrate handling on the wafer prober. For the two substrates, different
heights and especially metal layer buildups are chosen with respect to the demands of the
projects involved.
To obtain detailed values for the TLs cross-section, layer buildup and surface roughness,
microscopic, REM and surface analysis is performed on both substrates after fabrication,
see Fig. 7.16 and Fig. 7.17.
On both the PI-I and PI-II substrate, the MS measurements are considerably smoother
than the GCPW measurements and show a continuous result for both the substrate per-
mittivity and loss up to about 405GHz for PI-I and 440GHz for PI-II, see Fig. 7.18. The
measurement data at the end of the frequency range shows signiﬁcant noise, but falling
Table 7.9: Measured values of TL geometries and metal layer buildup on PI-I and PI-II.
substrate height [um] thickness [um] width [um] gap [um]
PI-I (MS & GCPW) 31 1.2 75 20
PI-II (MS) 20 5.2 47 n/a
PI-II (GCPW) 20 5.2 36 8
substrate Au [um] Ni [um] Cu [um] total thickness [um]
PI-I 0.5 0.5 1.5 1.2
PI-II 1.2 1.5 2.5 5.2
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Figure 7.15: Overview on PI-II substrate on wafer prober.
(a) (b) (c)
Figure 7.16: Microscopic view on GCPW (a), surface analysis (b) and microscopic analysis
of custom vias on PI-II (c).
below the dynamic range of the measurement gives no explanation for the given frequency
limits, since it can be observed in the raw measurement data even for the shortest cali-
bration line already. The author assumes that the probe pad is supporting higher modes
of propagation or even radiation due to its planar dimensions: At a frequency of 440GHz
in the case of MS on PI-II, the effective wavelength is about 430 um, which is roughly the
distance in-between the vias at each side of the probe pad and thus can show a reso-
nance. This is backed by similar observations done by the author in [SKP15b]. For further
discussion of this topic see Sec. 4.1.
The GCPW measurements show reasonable results up to about 220GHz for PI-I and
325GHz for PI-II. The author attributes the different upper frequency limits for MS and
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(a) (b)
Figure 7.17: REM analysis of metal buildup on PI-II (left) and surface roughness of PI-I
(right).
GCPW to small discontinuities in the GCPW fabrication process, such as the gap width,
which is not conveniently held constant over the length of certain TLs, and the via place-
ment, which altered slightly over the substrate. This affects continuous mode propagation
and could introduce higher modes at discontinuities, while additionally affecting calibration,
as non-identical cross-sections of the calibration standards can deteriorate calibration qual-
ity signiﬁcantly. Related effectsmay be present for theMS TLs aswell, but since this would
only introduce a small discontinuity at the probe pad, possible effects can be neglected.
The results for substrate permittivity (converged value in the upper frequency range), the
MAE describing the goodness of ﬁt to the multi-pole Debye model and the dielectric loss
tangent obtained from the generic model are given in Tab. 7.10.
Besides the general difﬁculties of measurements at frequencies as high as presented in
this work, the results for PI-I and PI-II agree reasonably well: The agreement of measure-
ment and ﬁtted model data represented by the MAE is good for all four measurements,
see Fig. 7.18. Apart from the range of convergence from 0.5GHz to 67GHz, the PI sub-
strate shows a nearly frequency-independent permittivity of about 3.14 over the whole
frequency range. The dispersion for all four measurements is rather low, with a slightly
higher frequency dependence for GCPW, which can be attributed to small differences in
the substrate permittivity depending on electrical ﬁeld direction.
In terms of loss, the total loss for MS (see Fig. 7.19) is slightly lower than for GCPW (see
Fig. 7.20), which can be attributed to the different TL cross-sections and thus current dis-
tributions for MS and GCPW. Comparing PI-I MS with PI-II MS, one would expect reduced
conductor and thus reduced total loss from the PI-I MS due to the increased conductor
width, disregarding conductor thickness due to small skin depth. However, this is not the
case, which is attributed to the very low conductor thickness and resulting high relative
thickness of the nickel layer:
Table 7.10: Results for measurements on PI-I and PI-II.
substrate converged ε′r,sub MAE tan δd (generic model)
PI-I MS 3.14 0.100 0.019
PI-I GCPW 3.13 0.020 0.018
PI-II MS 3.14 0.063 0.018
PI-II GCPW 3.14 0.113 0.018
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(a) MS. (b) GCPW.
Figure 7.18: Determined substrate permittivity and characteristic impedance (coloured
lines) and ﬁt to multi-pole Debye model ( ) for MS and GCPW on PI-I ( )
and PI-II ( ).
(a) MS on PI-I. (b) MS on PI-II.
Figure 7.19: Total loss (measured , ﬁt to generic model ), conductor loss ( ) and
dielectric loss ( ) obtained from generic model as well as dielectric loss
tangent obtained from generic model ( ) and multi-pole Debye model ( ).
(a) GCPW on PI-I. (b) GCPW on PI-II.
Figure 7.20: Total loss (measured , ﬁt to generic model ), conductor loss ( ) and
dielectric loss ( ) obtained from generic model as well as dielectric loss
tangent obtained from generic model ( ) and multi-pole Debye model ( ).
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Since the PI-I substrate shows a thinner gold layer above the nickel layer, this effectively
results in more current ﬂowing through the nickel at any frequency and consequently in
an increased conductor loss. For copper, ﬁve times the skin depth (covering about 99%
of the current distribution) at 200GHz is about 740 nm and about 470 nm at 500GHz, see
Eq. 4.16. While the skin depth is dependent on conductivity and no simple approximation
for the effective skin depth in the layered metal buildup can be given, this example under-
lines the aforementioned explanation and emphasizes the importance of proper choice of
conductor thickness and metals: Even though the increased conductor width of the PI-I
MS suggests smaller conductor loss, the low metal thickness and the choice of the metal
buildup increase the conductor loss signiﬁcantly compared to the PI-II MS.
The dielectric loss tangent obtained from the generic model shows the same value of
about 0.02 for all four measurements, while the dielectric loss tangent obtained from the
multi-pole Debye model shows slightly higher dispersion for the GCPW compared to MS.
The order of magnitude of the dielectric loss tangent obtained from both methods is about
the same in the upper frequency range, while the values obtained from the multi-pole
Debye model are rather high for frequencies approaching DC.
The GCPW TLs show higher total loss, which can be attributed to increased conductor
loss due to a high current density in the metal ﬁnish consisting of nickel and possibly an
increased surface roughness in the GCPW gap as well. The former is reasonable, since for
GCPW the current is conﬁned in the metal forming the gap: Compared to MS, all current
is affected by the presence of nickel, while for MS some current is still present in copper
only (i.e. at the bottom of the MS conductor). This effect follows the explanation already
given for MS and expresses itself in Fig. 7.20 in the increase in total loss for PI-I, which
is following the square root frequency dependency of the conductor loss and skin effect.
Even though this can be observed for the GCPW on PI-II as well, the slope is signiﬁcantly
less characteristic, as the current is further distributed over the increased thickness and
concentrates in the gold instead of nickel.
7.5.2 ORMOCER
On the ORMO substrate fabricated using the commercially available polymer [Fra17] and
a custom process developed in close collaboration with [Tec17b], MS TLs are fabricated,
see Fig. 7.21 and Tab. 7.11. The substrate is layered on a bulk silicon wafer to increase
mechanical stability and substrate handling on the wafer prober. Since only prototypical
vias not allowing for extensive integration across the substrate are available in this process,
see Fig. 7.22, only MS TLs are realized.
Considering the ORMO substrate in general, the measurement data is smoother com-
pared to the PI measurements, see Fig. 7.23 and Tab. 7.12, while the agreement of mea-
surement and ﬁtted model data represented by the MAE is excellent.
The dispersion of the ORMO substrate is small, even though signiﬁcantly higher com-
pared to the PI substrates, showing a permittivity of about 2.85 at 67GHz to about 2.80 at
140GHz and about 2.75 at 500GHz. The total loss for the ORMO MS TLs is two to three
Table 7.11: Measured values of TL geometry and metal layer buildup on ORMO.
substrate height [um] thickness [um] width [um] gap [um]
ORMO 11 3 23 n/a
substrate Ti [um] Cu [um] total thickness [um]
ORMO 0.1 2.4 2.5
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Figure 7.21: Overview on ORMO substrate on wafer prober.
(a) Surface Analysis. (b) Microscopic View.
Figure 7.22: View on prototypical vias used for integration with ORMO substrate.
times higher (about 3 to 5 dB/cm) at 200GHz and four to eight times higher (about 6 to
9 dB/cm) at 500GHz as for the PI MS TLs, while the dielectric loss tangent is slightly higher
than in the PI cases as well. This suggests both an increased conductor as well as dielectric
loss and is backed by the loss values obtained from the generic model, see Fig. 7.23b. Dif-
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(a) Determined substrate permittivity ( ), char-
acteristic impedance ( ) and ﬁt to multi-
-pole Debye model ( ).
(b) Total loss (measured , ﬁt to genericmodel
), conductor loss ( ) and dielectric loss
( ) obtained from generic model as well as
dielectric loss tangent obtained from generic
model ( ) and multi-pole Debye model
( ).
Figure 7.23: Results for MS on ORMO.
Table 7.12: Results for measurements on ORMO.
substrate converged ε′r,sub MAE tan δd (generic model)
ORMO 2.75 0.011 0.026
ferences in the conductor loss can be explained by different MS widths used for all three
substrates: Comparing the PI-II MS with less inﬂuence of the nickel layer than the PI-I MS,
the conductor loss is about half (about 3 dB/cm) as for the ORMO MS, which follows the
twice as big conductor width for PI-II MS compared to the ORMO MS. In case of the PI-I
MS, the losses are unreasonably high, which is attributed to the increased inﬂuence of the
nickel layer.
Again, the dielectric loss tangent obtained from the multi-pole Debye model shows sig-
niﬁcantly higher dispersion for frequencies approaching DC.
As a side note it can be pointed out, that in general the TL surface roughness is strongly
dependent on the roughness of the underlying ceramic substrate, which gets passed to
the TL surface depending on the technological processes used for fabrication.
7.5.3 BENZOCYCLOBUTENE
On the BCB substrate fabricated using commercially available material [The17] and a cus-
tom process developed in close collaboration with [Tec17b], MS TLs are fabricated, see
Fig. 7.24 and Tab. 7.13. The substrate is layered on a thin bulk silicon wafer to increase me-
chanical stability and substrate handling on the wafer prober. Since only prototypical vias
not allowing for extensive integration across the substrate are available in this process,
only MS TLs are realized. Due to the fabrication process being still in development, no
good consistency of the metallization thickness could be achieved over the surface. Due
to the constraints of the custom process and a resulting larger probe pad size, the BCB
substrate can only be measured up to 325GHz.
Considering the BCB substrate in general, the measurement data is not as smooth com-
pared to the PI and ORMO measurements, see Fig. 7.25 and Tab. 7.14. The author explains
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Figure 7.24: Overview on BCB substrate on wafer prober.
this with the aforementioned variation in the metallization thickness over the substrate:
This has an inﬂuence on the quality of the probe pad interface (e.g. contact resistance),
which affects the phase and loss measurement, and reduces the repeatability of mea-
surements in general. Additionally, the yield of the fabricated structures for calibration and
measurement was not very high. Several contacting attempts on calibration and measure-
ment structures distributed on the overall substrate are necessary during calibration and
measurement, which emphasizes this issue even more.
As a consequence, themeasurement data aswell as the obtained ﬁt is not of comparable
quality as for the PI and ORMO substrates. The mean absolute error for the ﬁt on the
Table 7.13: Measured values of TL geometry and metal layer buildup on BCB.
substrate height [um] thickness [um] width [um] gap [um]
BCB 10 2 23 n/a
substrate Ti [um] Cu [um] total thickness [um]
BCB 0.1 1.9 2.0
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(a) Determined substrate permittivity ( ), char-
acteristic impedance ( ) and ﬁt to multi-
-pole Debye model ( ).
(b) Total loss (measured , ﬁt to genericmodel
), conductor loss ( ) and dielectric loss
( ) obtained from generic model as well as
dielectric loss tangent obtained from generic
model ( ) and multi-pole Debye model
( ).
Figure 7.25: Results for MS on BCB.
Table 7.14: Results for measurements on BCB.
substrate converged ε′r,sub MAE tan δd (generic model)
BCB 2.61 0.127 0.100
BCB data is 0.127. Nevertheless, a general trend for the substrate permittivity can be
deduced, with a value of about 2.61 for the higher frequencies. The BCB substrate shows
a signiﬁcantly higher loss than the other substrates, while the dieletric loss tangent is
about 0.1. The author wants to point out that the total loss and dielectric loss tangent
derived here are to be interpreted with caution, as the aforementioned issues concerning
the measurement will have an inﬂuence on the data.
7.5.4 SILICON DIOXIDE
On the SiO2 substrate fabricated using a commercially available process [IHP17; SBD+14],
CPW TLs are fabricated, see Fig. 7.26 and Tab. 7.15. The substrate is layered on a bulk
silicon wafer and usually serves as back end of line layer for integration of passives and
contact structures in a chip stack. Since this layer should equally serve as passivation for
the overall chip stack, the TLs are completely embedded inside the SiO2, while only the
contact pads required for probing are opened: The silicon wafer with a height of 300 um
is covered with 10.83 um SiO2, which supports the metallization layer of thickness 3.0 um
forming the CPW structure. An additional SiO2 layer with a height of 1.5 um on top of the
metallization is used for passivation of the surface. To assure accuracy of the results, this
overall buildup has been considered in the simulations.
The SiO2 substrate is already chipped and does not offer a whole wafer for increased
mechanical stability during measurement. Due to the small wafer area available during
fabrication, only a limited number of custom calibration standards is included, while the
usually ﬁve TLs for measurements are not implemented in the layout.
Considering the SiO2 substrate in general, the measurement data is not as smooth com-
pared to the PI and ORMO measurements and shows similar characteristics as in the BCB
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Figure 7.26: Overview on SiO2 substrate on wafer prober.
Table 7.15: Measured values of TL geometry and metal layer buildup on SiO2.
substrate height [um] thickness [um] width [um] gap [um]
SiO2 10.83 3.0 2.4 4.0
substrate Al [um] total thickness [um]
SiO2 3.0 3.0
case, see Fig. 7.27 and Tab. 7.16. It shows the highest variation of the measurement
results around the ﬁtted valued for the permittivity, while the maximum deviation for fre-
quencies higher than 140GHz is about ±5%, see Fig. 7.27a, which can still be considered
convenient for practical purposes.
During measurement and observation under the microscope, it could be seen that the
surface metallization deteriorates signiﬁcantly over multiple contacting approaches, see
Fig. 7.26 and in more detail Fig. 7.28a: The alumina layer making up for the conductors
and probe pads is rather soft, so that the hard probe tips (made of beryllium and copper)
roughen the surface considerably with every contacting. Consequently and following the
explanation already given for BCB, the consistency of the probe contact deteriorates over
several measurements of the same structure. Since only a limited number of SiO2 chips for
testing are available, some of the structures used for measurement had to be used multiple
times, resulting in the observed effect. Additionally, the SiO2 substrates measured come
already chipped, so that no overall wafer increasing mechanical stability is available. To ﬁx
them on the wafer prober for measurement, several chips are glued on a small metal plate,
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(a) Determined substrate permittivity ( ), char-
acteristic impedance ( ) and ﬁt to multi-
-pole Debye model ( ).
(b) Total loss (measured , ﬁt to genericmodel
), conductor loss ( ) and dielectric loss
( ) obtained from generic model as well as
dielectric loss tangent obtained from generic
model ( ) and multi-pole Debye model
( ).
Figure 7.27: Results for CPW on SiO2.
Table 7.16: Results for measurements on SiO2.
substrate converged ε′r,sub MAE tan δd (generic model)
SiO2 3.18 0.076 0.069
(a) (b)
Figure 7.28: SiO2 probe pad after several contacting approaches (a) and ﬁxture of single
SiO2 chip on wafer prober (b).
which is then placed on the wafer chuck and tightened by the vacuum. To increase stability
further, the metal plate is ﬁxed using conventional tape, see Fig. 7.28b. Nevertheless and
despite these efforts, ﬁxture-related effects cannot be ruled out, as it is hardly possible to
evaluate if the glued chips show some tilt or are otherwise not ideally ﬁxated, inﬂuencing
the probe contact depth or related parameters. In addition to the aforementioned issues,
the lack of a comprehensive set of custom calibration standards may be a source for further
deterioration of measurement quality as well.
As a consequence, themeasurement data aswell as the obtained ﬁt is not of comparable
quality as for the PI and ORMO substrates. The mean absolute error for the ﬁt on the SiO2
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data is 0.076. Nevertheless, a general trend for the substrate permittivity can be deduced,
with a value of about 3.18 for the higher frequencies. The loss is in the same order of
magnitude as for the BCB substrate, while the dieletric loss tangent is about 0.069. The
author wants to point out that the total loss and dielectric loss tangent derived here is to
be interpreted with caution, as the aforementioned issues concerning the measurement
will have an inﬂuence on the data.
7.5.5 POLYIMIDE FOIL
On the PI-foil substrate fabricated using a commercially available PI-foil [UBE17] in conjunc-
tion with a custom process developed in close collaboration with [Tec17b], CPW TLs are
fabricated, see Fig. 7.29 and Tab. 7.17. Since no ground metallization or vias are available
in this process, only CPW TLs are realized. The substrate is rather thin and could not be
layered on any wafer for increased mechanical stability. To improve handling on the wafer
prober, the foil is placed on a porous ceramic, which allows using the chuck vacuum even
though the PI foil is otherwise too light and wavy to be ﬁxated this way. Additionally, con-
ventional tape is used to increase stability even further and suppress waviness around the
edges of the foil. Due to the constraints of the custom process and related ﬁxture and
contacting issues, the PI-foil can only be measured up to 325GHz.
Considering the PI-foil substrate in general, the measurement data is not as smooth
compared to the PI and ORMO measurements and shows similar characteristics as in
the BCB and SiO2 case, see Fig 7.30 and Tab. 7.18. Even though the aforementioned
measures to ﬁxate the foil for measurement have been taken, a certain waviness of the
Figure 7.29: Overview on PI-foil substrate on wafer prober.
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Table 7.17: Measured values of TL geometry and metal layer buildup on PI-foil.
substrate height [um] thickness [um] width [um] gap [um]
PI-foil 50 2.5 35 10
substrate Ti [um] Cu [um] total thickness [um]
PI-foil 0.5 2.0 2.5
(a) Determined substrate permittivity ( ), char-
acteristic impedance ( ) and ﬁt to multi-
-pole Debye model ( ).
(b) Total loss (measured , ﬁt to genericmodel
), conductor loss ( ) and dielectric loss
( ) obtained from generic model as well as
dielectric loss tangent obtained from generic
model ( ) and multi-pole Debye model
( ).
Figure 7.30: Results for CPW on PI-foil.
Table 7.18: Results for measurements on PI-foil.
substrate converged ε′r,sub MAE tan δd (generic model)
PI-foil 3.45 0.039 0.015
surface remained during measurement, decreasing the probing repeatability of calibration
standards and measurements.
As a consequence, themeasurement data aswell as the obtained ﬁt is not of comparable
quality as for the PI and ORMO substrates. The mean absolute error for the ﬁt on the SiO2
data is 0.039. Nevertheless, a general trend for the substrate permittivity can be deduced,
with a value of about 3.45 for the higher frequencies. The loss is in the same order of
magnitude as for the BCB substrate, while the dielectric loss tangent is about 0.015, which
is even slightly better than in the PI-I and PI-II case, showing a dielectric loss tangent of
about 0.020. The author wants to point out that the total loss and dielectric loss tangent
derived here are to be interpreted with caution, as the aforementioned issues concerning
the measurement will have an inﬂuence on the data.
7.5.6 COMPARISON WITH REFERENCE VALUES
The data sheets of material manufacturers especially in case of the on-chip substrates only
give limited data, such as values for the permittivity and dielectric loss tangent at a spe-
ciﬁc frequency (typically in the kHz or low MHz range) or no information at all. Additionally,
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the material properties of such substrates usually differ slightly with the often not well-
documented fabrication process, which makes direct comparison infeasible due to lack of
further information on the actual processing or measurement method used. However, ref-
erence data provided by other authors can serve as comparison data, even though such a
comparison proves to be difﬁcult, since only a very small number of publications address-
ing material characterization methods and measurements of comparable materials at the
given frequencies exists yet.
Literally no reference could be found by the author that gives physical substrate permit-
tivity results instead of only the effective ones, so that the effective substrate permittivities
of all measured on-chip substrates are given in Fig. 7.31 for comparison with the reference
data.
For thin-ﬁlm substrates at these frequencies, [WCS+13] presented a THz BCB substrate
as suitable substrate material for THz applications in comparison with a silicon-on-insulator
substrate, see Fig. 7.32. While the mentioned paper gives no values for substrate permit-
tivity and dielectric loss, the shown data for the effective permittivity and total loss can be
compared to the measured data given in this work. It should be noted, however, that the
MS TLs used on the substrates given there differ in their cross-sectional dimensions and
thus expected conductor loss (assuming comparable metal conductivity), which renders
Figure 7.31: Effective substrate permittivies for measured on-chip substrates: PI-II MS
( ), ORMO ( ), BCB ( ), SiO2 ( ), PI-foil ( ).
(a) (b)
Figure 7.32: Effective dielectric constant (a) and total loss (b) for reference measurements
on SOI and THz BCB substrate (taken from [WCS+13], Fig. 9, © 2013 IEEE).
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an inference to dielectric loss infeasible. Taking a look at Fig. 7.32a, the same roughness in
the data as for BCB, SiO2 and PI-foil can be seen, which indicates similar issues as already
discussed above are present in this measurement as well. This underlines the difﬁculty of
measurements of planar substrates at those frequencies in general.
For the PI substrates, [PD98] gives values for the effective permittivity and total loss
of MS TLs on thin-ﬁlm polyimide substrates up to 110GHz, and [PMK01] gives values for
the total loss of CPW TLs on such substrates up to 40GHz, see Fig. 7.33. The reference
MS line of about 50Ω and similar cross-section (w = 21.7 um and h = 7.4 um in [PD98])
shows an effective permittivity of about 2.5 and a total loss of about 4 dB/cm at 67GHz.
The 50ΩMS line measured in this work shows an effective permittivity of about 2.45 and
a total loss of 2.6 dB/cm. The permittivity values agree excellently, while the values for
the total loss are well within the same order of magnitude, with the PI substrate slightly
outperforming the reference substrate in terms of loss. Due to the signiﬁcantly different
cross-section, the CPW TLs given in [PMK01] are only roughly comparable to the CPW
TLs on the PI-foil measured in this work. Nevertheless and due to the lack of other ap-
propriate references, a comparison is given: The reference CPW TLs show a total loss of
(a) MS. (b) MS.
(c) CPW.
Figure 7.33: Effective dielectric constant (a) and total loss (b) of reference MS TLs (taken
from [PD98], Fig. 4d and Fig. 3d, respectively, © 1998 IEEE) and total loss for
reference CPW TLs (c, taken from [PMK01], Fig. 8, © 2001 IEEE) on thin-ﬁlm
polyimide substrates.
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about 3.5 dB/cm, while the CPW TLs on PI-foil measured in this work show a total loss
of about 1.8 dB/cm. Both values are well within the same order of magnitude, while the
PI-foil outperforms the reference substrate by a factor of about 1.5.
No reference measurements for the ORMO substrate could be found by the author,
which may be attributed to the relative novelty of this material on the market.
For the BCB substrate, direct comparison to the THz BCB given in [WCS+13] is applica-
ble: The THz BCB shows an effective permittivity of about 2.25 and a total loss of about
10 dB/cm at 200GHz. The BCB substrate measured in this work shows an effective per-
mittivity of about 2.15 and a total loss of about 25 dB/cm. The permittivity values agree
excellently, while the signiﬁcantly higher loss measured in this work is attributed to the
aforementioned issues during measurement.
Comparison of the effective permittivity and total loss of the measured GCPW on the
SiO2 substrate to the MS on a silicon-on-insulator substrate given in [WCS+13] is not feasi-
ble. The substrate manufacturer gives a permittivity of about 4 for the SiO2 [IHP17], which
mainly constitutes the effective substrate, since the bulk silicon below is considerably far
away to not inﬂuence the TLs propagation characteristics strongly. Without further informa-
tion on the source of this value given by the manufacturer, the author assumes it has been
obtained by a conventional method at the lower frequency range and should therefore be
valid only around DC or sufﬁciently low frequencies. Following this chain of thoughts, the
result for SiO2 appears reasonable.
As a side note, the PI and ORMO substrates can be considered suitable for THz applica-
tions in general, as they show improved performance compared to the THz BCB presented
in [WCS+13], which can be understood as a benchmark substrate: The given data for the
effective permittivity and total loss of the THz BCB is comparable to the measured data for
PI and ORMO and thus implies similar characteristics (i.e. low dispersion and loss). Com-
paring the total loss at 200GHz, the THz BCB indicates a value of about 10 dB/cm, with PI
and ORMO showing values of about 6 dB/cm and 10dB/cm, respectively. While all values
are in the same order of magnitude, the PI substrates outperform the benchmark substrate
by a factor of about 2.5.
7.6 SUMMARY AND CONCLUSION
Measurement results presented for PCB are in good agreement with reference data sup-
plied by the manufacturer (i.e. deviation within a single-digit percentage) and show the
general applicability of the developed method for a wide range and the most common
values of substrate permittivity (i.e. 3 to 12). The total uncertainty based on PCB measure-
ments is estimated to lie below ±3% for frequencies higher than 5GHz. Nickel plating
introduces a signiﬁcant inﬂuence on the dispersion for frequencies up to about 20GHz,
deteriorates the permittivity calculation and should be avoided in any related application.
A strong inﬂuential factor on measurements of this kind in general is given by ﬁxture-re-
lated issues, which can hardly be addressed systematically and are therefore covered by
an increased margin of error within the given total uncertainty.
For the on-chip substrates fabricated using a well-controlled process such as PI and
ORMO, the uncertainty analysis and related total uncertainty values as given for PCB ap-
ply as well. The variance at some measurement frequencies on BCB, SiO2 and the PI-foil
exceeds the given uncertainty bounds, which is attributed to ﬁxture-related issues as well.
In case of the SiO2 substrate showing the strongest deviations of that kind, the variance of
the measurement data around the obtained ﬁt for the substrate permittivity is about ±5%
at maximum. Taking this observation, the difﬁcult assessment of ﬁxture-related issues es-
pecially for on-chip measurements and the variety of measured substrates into account,
the total uncertainty for measurements at higher frequencies from this rather empirical per-
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spective may be increased to about ±5%. Even though this effect could not be observed
as strong for the PI and ORMO substrates, which follow the uncertainty analysis given for
PCB, it emphasizes the necessity of implementing a proper ﬁxation for measurements of
this kind and especially with increasing frequency.
Besides this remark, all of the measured substrate materials could be characterized in
terms of substrate permittivity and (dielectric) loss (tangent), while the ﬁtted data gives
frequency-continuous results even if some measurements show small, ﬁxture-related de-
viations. The obtained results for all substrates are reasonable and compare well with the
small amount of reference data available in literature. The PI and ORMO substrates show
high performance compared with reference data (outperforming the reference substrates)
and are suitable candidates for integration of THz applications. In general, the on-chip sub-
strates show higher loss compared to the PCB substrates, which is related to their smaller
conductor cross-sections and thus increased resistivity.
DISCUSSION OF DIELECTRIC LOSS TANGENT
Concerning the determined dielectric loss tangent obtained for the PCB measurements,
both models give reasonable results in terms of order of magnitude compared with the
reference data supplied by the manufacturer. For both the PCB and the on-chip measure-
ments, the multi-pole Debye model shows signiﬁcant dispersion over the broad measure-
ment frequency range, while the generic model gives a constant value. While the latter
assumes a linearly increasing dielectric loss with frequency and thus inherently enforces a
frequency-independent dielectric loss tangent, the former makes no assumptions of such
kind and infers the dielectric loss tangent from a causal, physical model. A distinct conclu-
sion on which model is to prefer is difﬁcult, since both models offer plausible reasons for
application:
While the multi-pole Debye model should give a physically reasonable result especially in
terms of dispersion, the magnitude of the dielectric loss tangent at the lower frequencies
seems rather high and does not ﬁt well to or explain the dielectric loss. Contrary to this,
the generic model may deliver a frequency-independent dielectric loss tangent, which is
very convenient for simulations and practical applications alike, but omits the possibility of
dielectric loss showing non-linear characteristics: Concerning the dispersion as seen with
themulti-pole Debyemodel, the physical approach suggests that the dielectric loss tangent
is not constant, but decreases with increasing frequency, which is reasonable referring to
the permittivity theory given in Sec. 2.3.3 and assuming that most of the relaxation effects
take place at the low end of the measurement frequency range. In contrast, assuming
an even slightly decreasing dielectric loss tangent with frequency contradicts the core
assumption of the generic model.
Following this chain of thoughts and aiming at a ﬁgure of merit for dielectric loss tangent
determination, the author decided to use both models in conjunction: For all substrates
measured, the order of magnitude for the dielectric loss tangent agrees for both models
and most frequencies, so that a rough estimation of the dielectric loss tangent can be
given for any substrate and desired application. For frequencies approaching DC, a small
dispersion is to be expected, as presented by the multi-pole Deybe model and predicted by
permittivity theory. Even though this result may not be satisfactory in terms of a precise,
analytical investigation of dielectric loss in general, it is usually sufﬁcient for most appli-
cations and convenient within the scope of this work. In future investigations, detailed
modelling emphasizing the aforementioned issues can be addressed, while resulting mod-
els should be easily implementable with the method developed in this work due to its
general approach and modular structure.
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Some of the information presented in Sec. 8.3 has already been published by the author
and is taken in part from [SHSP18].
8.1 INTRODUCTION AND CHOICE OF MATERIALS
To show the general applicability of the proposed procedure, MUT samples covering a
broad range of permittivity values as well as materials have been chosen for measurement:
• PVC 1-3 (polyvynil chloride, "plastics", three different samples)
• PMMA (polymethyl methacrylate, "acrylic glass")
• MDF (medium-density ﬁbreboard, "wood")
• PTFE (polytetraﬂuoroethylene, "Teﬂon®")
• RO6010 (Rogers RT/duroid® 6010 [Rog16d])
• Glass (conventional soda–lime glass)
• concrete (TF10 ﬁne concrete [PAG17; DIN12])
• insulation (CALOSTAT® [Evo17])
The given samples have been chosen due to multiple reasons, which include availability
at the author’s lab, easy micro-machining or requirement of characterization for a certain
project and cover a wide range of permittivity values. As for the measurement of the sub-
strate permittivity presented in the previous chapter, the approach and results given in this
chapter are to be understood as a proof of principle investigation.
In general, no reference data for the speciﬁc samples used and measured in this work
is available. Generic data on related material classes, however, can be found in an exten-
sive amount of literature published over the last decades [Bur85; NPL18; Lid00; MRPM98;
MM08; dRB11; RWD94]. Unfortunately, most often this data is only of little value, as most
values are only given at discrete frequencies at the low frequency end of the measure-
ment bandwidth presented in this work. Additionally, most materials covered by generic
terms (such as "plastics"/"PVC" or "acrylic glass"/"PMMA") are only loosely deﬁned by the re-
spective authors and not accompanied by information on the detailed composition, which
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Table 8.1: Measurability of presented samples in conjunction with different methods and
colour coding used within this chapter.
sample WG X-band WG V-band free-space TL colour coding
PVC 1 (brown)    
PVC 2 (grey)   x 
PVC 3 (orange)   x 
PMMA    
MDF  x x 
PTFE  x  
RO6010 x x x 
glass  x x 
concrete  x  x
insulation x x  x
makes comparison to own measurements difﬁcult. As a consequence, only comparison to
a certain range of permittivity values covered by the associated material class is feasible,
which is the approach followed in this work as well.
To establish a set of reference values besides the information supplied by literature, own
measurements are undertaken: Both the free-space method for measurement of large
ﬂat material samples mounted in-between two antennas as well as the waveguide-based
method for small samples are used for cross-comparisons.
Not all samples could be micro-machined in a way to ﬁt the waveguides (see Fig. 6.4)
or TLs (see Fig. 6.2) or were available in a size large enough the be used with the free-s-
pace setup (see Fig. 6.3). Even though most materials could be machined to ﬁt the X-band
waveguide, most of them were to cumbersome to machine and handle to ﬁt the V-band
waveguide. Especially the brittle concrete and insulation material could not be machined
to ﬁt any of the waveguides or on the TLs, leaving only the free-space approach as a viable
characterization option1. All samples and their measurability in conjunction with the differ-
ent methods are shown in Tab. 8.1, with a picture of some of the samples given in Fig. 8.1.
For the TL measurements on PCB, the X-band samples are used in conjunction with the
RO3850 substrate. Even though the results on all three PCB substrates closely agree well
with each other from the experience of the author, the waviness introduced by the much
more paper-like RO3006 and RO3010 substrates makes substrate and MUT handling on
the wafer probing station more difﬁcult. As discussed in Sec. 7.3.3, only small differences
in measurement sensitivity are present over the different substrate permittivities (about
10% increase in sensitivity fromGCPWs on RO3850 to GCPWs on RO3010). Consequently
and since the RO3850 substrate offers convenient stiffness compared to the other PCB
substrates (see Sec. 7.3.2), only values for the loaded measurements on RO3850 are given
and discussed in the following.
For the TL measurements on on-chip substrates, probe placement must be done with
greatest caution to not damage the probe tips, while the placement and ﬁxation of the
MUT is rather laborious: As the TLs in the on-chip cases are packed much more densely
in comparison with the PCB substrates, positioning of the X-band sample is not feasible,
since it extend over several TLs. Experimentation has shown, that this typically results in
corrupted measurement data, as small air gaps in-between the MUT and TL or even a tilt
of the MUT occurs, as ideal planarity cannot be ensured in most cases. Consequently and
1In fact, the author originally intended the free-space method to serve as a characterization procedure for
panels made out of concrete and insulation, as these are usually difﬁcult to handle in other setups.
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Figure 8.1: Some of the samples used for measurement, from left to right: PVC 2, PMMA,
MDF, PVC 1, PVC 3, glass. Samples in the back and front are micro-machined
to ﬁt X-band and V-band waveguides, respectively. Not all samples could be
micro-machined in a way to ﬁt all available measurement ﬁxtures.
as these deviations are practically immeasurable, the smaller V-band samples are used for
characterization, which reduces the amount of characterizable MUTs in comparison with
the measurements on PCB severely. Due to the aforementioned issues, especially the
laborious measurement effort due to the placement of the small V-band samples and to
avoid any damage to the probes at higher frequencies, measurement data is only given
for MUTs up to 220GHz on PI-II, which serves as proof-of-principle measurement and
exemplary case for the on-chip substrates.
8.2 PLANAR MEASUREMENTS
In anticipation of the results presented in the following and to be able to interpret the given
information correctly, a remark concerning all measurements of MUT-loaded MS needs to
be given: For mapping of the effective permittivity to the physical MUT permittivity as
described in Sec. 5.6, the cross-section of each MUT-loaded MS TL is simulated. For this,
the MUT is assumed to rest concisely on the upper surface of the MS strip. This scenario
results in permittivity values which are roughly 16% higher than in the GCPW case, which
in addition do not compare well with the other free-space or WG measurements. The
author suspects, that the stiffness of the metal strips as well as the pressure applied to
the MUT results in the MUT being pressed over the edged of the metallic strip, effectively
encompassing it and closing the otherwise present air gap. Accounting for this effect in
the simulations, the resulting calculated MUT permittivity decreases and is well in range
of the other measurements.
Even though the idea behind this theory cannot be proven easily by measurement due
to the very small conductor thicknesses (around 20 um for most PCB and around 2 um for
most on-chip substrates), the author sees the aforementioned observation as reasonable
support. Said effect does not occur for GCPW measurements, as the additional ground
metallization area on the substrate serves as mechanical support for the MUT, avoiding any
encompassment as argued before. Therefore and for all MS measurements presented in
the following, the air gap is assumed to be zero for the simulations.
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Following this reasoning, the comparison of the obtained MUT data against other (i.e.
non-planar) measurements and reference data is based solely onmeasurements on GCPW,
as this kind of TL is assumed to directly deliver correct results without the need of adapting
the simulations as explained above.
8.2.1 CHANGES TO UNCERTAINTY ANALYSIS
Following the approach already presented for the unloaded measurements, the real part
of the MUT permittivity for ﬁve measurements of the PMMA sample on MS and GCPW
on RO3850 is shown in Fig. 8.2a and Fig. 8.2b, while the mean value as well as 95%
conﬁdence bounds are given by two times the standard deviation (assuming a normal
distribution) in each direction. For the sake of conciseness of this work, only the data on
PMMA is shown here, which is representative for all MUTs with regard to the remarks in
this section.
The results for MS and GCPW agree reasonably with each other, while the difference in
the mean values is about 2%. This value is typical and representative for the other MUTs
as well.
For the loaded measurements, it is to be expected that uncertainty increases, as the
MUT thickness (implicitly related to the unloaded TL sections to be de-embedded after
calibration) introduces an additional source of uncertainty. Due to the two steps and mea-
surements necessary for MUT characterization (i.e. unloaded measurement followed by
loaded measurement), it seems reasonable to address the uncertainty analysis in the same
manner:
In the ﬁrst, unloaded step, the total uncertainty for PCB is found to lie below ±3%,
see Sec. 7.3.4. This applies for the PCB substrate permittivity and likewise for the de-em-
bedding of the unloaded TL sections after the second measurement. Taking the additional
uncertainty of MUT thickness into account, it seems reasonable to allow for a thickness de-
viation of at maximum 100um, considering the typical uncertainty of a conventional vernier
caliper as it is used for thickness measurement in this case. Additionally, the sample could
be tilted with respect to the TL beneath it, which would effectively increase the MUT thick-
ness, but even considering an already high tilt of about 5° (concerning MUT placement by
hand andmicroscopic inspection afterwards) results in a negligible offset. Since all other un-
certainty terms remain the same (including the ﬁxture-related issues discussed before), the
(a) MS. (b) GCPW.
Figure 8.2: PMMA sample on RO3850: Real part of MUT permittivity for ﬁve measure-
ments (coloured lines) together with mean value (solid black line) and 95% con-
ﬁdence bounds (dashed black lines) thereof.
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(a) Repeatability error for PMMA sample. (b) Fits to exemplary MUT data.
Figure 8.3: Repeatability error for PMMA sample and ﬁts ( ) to exemplary MUT data
(coloured lines) on GCPW (RO3850).
second, loaded measurement basically increases the effective uncertainty by this amount
again. As the expected thickness deviation of about 100 um relates to a length deviation
of about 100 um as discussed before, the additional uncertainty in the loaded case can be
estimated with ±3%, making up for a total uncertainty for the loaded PCB measurements
of below ±6% for frequencies above 5GHz. Consequently and as the total uncertainty for
unloaded on-chip measurements is estimated to ±5%, the total uncertainty in the loaded
case is expected to lie below ±8% for frequencies above 5GHz.
The author wants to point out, that this total uncertainty and especially high additional
margin of error already included in the ±3% (±5%) discussed for the unloaded PCB (on-chip)
case represents a very conservative estimation, so that the true uncertainty for the loaded
case is expected to lie below the given ±6% (±8%).
The repeatability error as deﬁned in the unloaded case, but for measurements of a TL
loaded with the PMMA sample is given in Fig. 8.3a. It is increased compared to the un-
loaded case, which follows the argumentation given above, and lies below the expected
uncertainty of ±6%. Interestingly and as could already be observed in the unloaded case,
the repeatability for both RO3006 and RO3010 is about double the value as for RO3850,
while the values for MS and GCPW agree in all cases. Again, this can be explained by ﬁx-
ture-related issues (i.e. waviness of the substrate) present due to the different substrates
and is consistent with the explanations given in Sec. 7.3.2. Even though these results for
the PMMA case are representative for the remaining measurements as well, the results
over different MUTs suggest, that the total uncertainty is slightly dependent on the mate-
rial measured: The waviness of the curves given in Fig. 8.3a tends to change slightly with
MUT permittivity and roughness of the MUT surface. Since this deviation is negligible in
magnitude, it is omitted in the remainder of this work.
Typical measurement data over several MUTs and ﬁts thereof to the multi-pole Debye
model are shown in Fig. 8.3b. The ﬁts to the model for all measurements are of compa-
rable quality, presenting a negligible MAE of below 0.01. Therefore, only the ﬁtted data is
presented in the following.
8.2.2 PCB MEASUREMENTS UP TO 67GHZ
The results for all MUTs on MS and GCPW on RO3850 are given in Fig. 8.4a and Fig. 8.4b.
They are representative for RO3006 and RO3010 as well, while these results are omitted
here for the sake of conciseness of this work.
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(a) MS. (b) GCPW.
Figure 8.4: Permittivity of different MUT samples on RO3850: PVC 1 ( ), PVC 2 ( ),
PVC 3 ( ), PMMA ( ), MDF ( ), PTFE ( ), RO6010 ( ), glass ( ).
The results for MS and GCPW agree reasonably well with a maximum difference of
about 5% and a typical difference of about 2% for frequencies higher than 10GHz over
all samples. The slope of the permittivity for some samples such as MDF and PVC 1 is
stronger for the lower frequencies, implying an increased dispersion of these materials for
frequencies approaching DC.
Comparing the results on MS and GCPW for both loss models, the magnitudes and
slopes agree reasonably well, see Fig. 8.5 and Fig. 8.6. Negligible deviations in magnitude
and slope can be observed, while the results on MS present an increased dielectric loss
tangent for the multi-pole Debye model approaching DC, see Fig. 8.6a. Interestingly, the
MDF sample uniquely shows a completely different slope, which cannot conveniently be
explained by the author.
As for the unloaded measurements, the dielectric loss tangent obtained from the multi-
-pole Debye model increases for frequencies approaching DC and the values obtained from
the generic model remain constant, while the same argumentation applies as already given
in Sec. 7.6.
(a) MS. (b) GCPW.
Figure 8.5: Dielectric loss tangent (generic model) of different MUT samples on RO3850:
PVC 1 ( ), PVC 2 ( ), PVC 3 ( ), PMMA ( ), MDF ( ), PTFE ( ),
RO6010 ( ), glass ( ).
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(a) MS. (b) GCPW.
Figure 8.6: Dielectric loss tangent (multi-pole Debye model) of different MUT samples on
RO3850: PVC 1 ( ), PVC 2 ( ), PVC 3 ( ), PMMA ( ), MDF ( ), PTFE
( ), RO6010 ( ), glass ( ).
8.2.3 ON-CHIP MEASUREMENTS UP TO 220GHZ
Serving as proof-of-principlemeasurements and exemplary case for the on-chip substrates,
the permittivity results for all measurable MUT samples on PI-II are given in Fig. 8.7. The
typical MAE is about 0.020 for MS and about 0.4 for GCPW measurements. Results for
both loss models are shown in Fig. 8.8.
(a) MS. (b) GCPW.
Figure 8.7: Permittivity of different MUT samples on PI-II: PVC 1 ( ), PVC 3 ( ), PMMA
( ) and ﬁts thereof ( ).
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(a) MS. (b) GCPW.
Figure 8.8: Dielectric loss tangent for generic model (dotted lines) and multi-pole Debye
model (solid lines) of different MUT samples on PI-II: PVC 1 ( ), PVC 3 ( ),
PMMA ( ).
8.3 FREE-SPACE MEASUREMENTS
All three measurement ranges corresponding to the three sets of horn antennas are used
to calculate a mean value for the permittivity based on the measurement of ﬁve samples of
the same material, see Fig. 8.9. Two times the standard deviation at six frequencies for the
concrete MUT is given as error bars, indicating a low spread around the mean value over
the ﬁve measurements and thus good measurement repeatability. Since the given values
are comparable for all measured materials (below 5% and below 2% for frequencies above
10GHz and 20GHz, respectively), they are not included for the remaining materials for the
sake of recognizability.
The dielectric loss tangent can directly be obtained, since both the real and imaginary part
can be extracted directly from the measured permittivity, see Fig. 8.10a. Since no generic
model as for the planar measurements is available, only the multi-pole Debye model can
be used to ﬁt the measurement data, see Fig. 8.10b. The directly obtained dielectric loss
tangent agrees well with the ﬁtted data, but has a different slope for some of the samples,
Figure 8.9: Permittivity of differentMUT samples for free-spacemeasurement: PVC 1 ( ),
PMMA ( ), PTFE ( ), concrete ( ), insulation ( ) and ﬁts to multi-pole
Debye model ( ).
135
8 Results for Loaded Transmission Lines
(a) Measurements. (b) Obtained ﬁts (multi-pole Debye model).
Figure 8.10: Dielectric loss tangent for free-spacemeasurement: PVC 1 ( ), PMMA ( ),
PTFE ( ), concrete ( ), insulation ( ).
varying around the ﬁtted value. Since the author sees no reason for this kind of disper-
sive characteristics in the data and permittivity theory also implies an at least continuous
slope (see Sec. 2.4 and Sec. 2.5), it is assumed that the variation is an error due to the
measurement approach, e.g. multiple reﬂections inside the material not accounted for in
the applied theory. Since these deviations are omitted in the ﬁtted dielectric loss tangent
obtained from the causal permittivity model, it gives a physically reasonable result.
Concerning the results for frequencies below about 10GHz, the measurement data is
rather noisy and shows a ripple, increasing in magnitude with increasing permittivity. Since
the measurement setup including the polystyrene box, translation stage and surroundings
in the lab is included in the calibration process and thus de-embedded in the measurement
data, related issues cannot serve as an explanation. Instead, the author assumes that mul-
tiple reﬂections inside the material are the cause for the aforementioned observation, as
these effects cannot be covered by calibration and conveniently explain the ripple: With
increasing permittivity, the impedance mismatch and thus reﬂectivity of the air-MUT inter-
face increases, resulting in an increased reﬂection at this boundary. This mismatch can
explain multiple reﬂections and the observed ripple at small frequencies, while at higher
frequencies the attenuation in the material becomes higher due to the increased number
of polarization cycles inside the material, effectively dampening and thus cancelling out the
reﬂections.
8.4 COMPARISON WITH REFERENCE VALUES
8.4.1 CROSS-COMPARISON OF PLANAR MEASUREMENTS
In Fig. 8.11, the permittivity values obtained from the multi-pole Debye model can be com-
pared with the respective values for PCB measurements and indicate a typical deviation
of about 1%. The dispersion for all measurements is about identical, with the GCPW mea-
surements showing a slightly increased dispersion approaching DC.
A similar observation can be done for the dielectric loss tangent comparison in Fig. 8.12:
While the magnitude agrees well for all measurements, the results on PI-II show increased
dispersion approaching DC.
Besides these remarks, all values given for the permittivity and dielectric loss tangent
show excellent agreement with the results obtained from the PCB measurements, with
no further analysis given here: Since the amount of samples measured on PCB is higher
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(a) MS. (b) GCPW.
Figure 8.11: Comparison of permittivity for different MUT samples on RO3850 (solid lines)
with respective samples on PI-II (dashed lines): PVC 1 ( ), PVC 3 ( ),
PMMA ( ).
(a) MS. (b) GCPW.
Figure 8.12: Comparison of dielectric loss tangent (multi-pole Debye model) for differ-
ent MUT samples on RO3850 (solid lines) with respective samples on PI-II
(dashed lines): PVC 1 ( ), PVC 3 ( ), PMMA ( ).
than in the on-chip case and the general characteristics of TLs on both technologies seem
to be in well-comparable range as shown above, only the PCB results are used for further
evaluation of the applicability of the planar approach. The results given for MUT-loaded
on-chip measurements are to be understood as proof-of-principle measurements.
8.4.2 COMPARISON WITH OWNWG MEASUREMENTS
The reference data obtained by measurements with the WG method for all samples mea-
surable in this manner is given in Fig. 8.13.
While for the V-band measurements the permittivity values remain about constant with
increasing frequency, the variation that can be found for any of the X-band results is as-
sumed not to be of physical origin. Since the straight X-band waveguide section used as
measurement cell for the MUT is fairly worn off (see Fig. 6.4a), ﬁxture-related issues (e.g.
air gaps) are expected to be the source of these variations. Nevertheless, the results for
the different MUTs measured at both bands do agree reasonably. The dielectric loss tan-
gent obtained from the WG measurements did not produce any reasonable results, with
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Figure 8.13: Permittivity of different MUT samples for waveguide-based measurement:
PVC 1 ( ), PVC 2 ( ), PVC 3 ( ), PMMA ( ), MDF ( ), PTFE ( ),
glass ( ), concrete ( ), insulation ( ).
(a) Planar measurements (GCPW on RO3850). (b) Free-space measurements.
Figure 8.14: Comparison of measurements with reference data from the waveguide-based
method ( ): PVC 1 ( ), PVC 2 ( ), PVC 3 ( ), PMMA ( ), MDF ( ),
PTFE ( ), glass ( ), concrete ( ).
effects such as a change of several orders of magnitude within X-band. Since these results
are not considered physically reasonable, they are omitted for the following discussion.
The permittivity results for the relevant samples measured with the planar (GCPW on
RO3850) and free-space method are given again in Fig. 8.14a and Fig. 8.14b, along with
the reference data obtained from WG measurements: Both the planar and free-space mea-
surements agree well with the reference data in V-band, with typical differences below
about 2% for the planar and about 5% for the free-space measurements. Even though the
aforementioned variations are present in the WG data at X band, the order of magnitude
agrees well with both measurements.
In conclusion, it can be noted that the difference of both the planar and free-space results
to the reference measurements using the WG method remain well within a single-digit
percentage.
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8.4.3 CROSS-COMPARISON OF PLANAR AND FREE-SPACE MEASUREMENTS
Even though it gives no explicit measure of uncertainty or a related ﬁgure of merit, it is
of interest to compare the different measurement approaches with each other: As can be
seen in Fig. 8.15, the permittivity results agree within a deviation of about 2% for frequen-
cies higher than 10GHz. The results for the dielectric loss tangent are well within the same
order of magnitude with a maximum deviation by a factor of about 2 for the PVC 1 sample.
8.4.4 COMPARISON WITH REFERENCE DATA KNOWN FROM LITERATURE
As already discussed in Sec. 8.1 along with the introduction of the different MUTs, com-
parison of own measurements to reference data obtained from literature is rather cumber-
some due to the vast amount of only loosely speciﬁed data or documented measurements.
To address this issue, different references (if available) presenting data at suitable frequen-
cies (if available) for each MUT are given in the following and compared with the results
presented in this work. Even though most of the reference data is usually only available at
lower frequencies, a rough comparison or derivation of a general trend of themeasurement
data compared with several references should be feasible.
The values for the relative permittivity of PVC found in literature usually differ a lot, which
makes comparison with reference data difﬁcult. This can be attributed to different factors
such as composition (additives), age of the sample, plasticization or ambient tempera-
ture [Bur85]. In [Bur85], the relative permittivity of PVC is given with about 3 at 1MHz,
while [NPL18] and [Lid00] give values of 2.8 at 100MHz and 1GHz, respectively. Never-
theless, the measured values ranging around 3 for the three different PVC samples shown
in this work are in a comparable range. The dielectric loss tangent ranges from 0.01 to
0.1 in the MHz range in [Bur85], which agrees with the results from the planar as well as
free-space measurements.
In [MRPM98], [MM08] and [Lid00], values of about 2.64 at 10GHz, 2.6 at 3GHz and
2.6 at 1GHz are given for PMMA, respectively, which agree well with the measurement
results: The measured values (deviations to 2.64) for PMMA at 10GHz are 2.55 (4%) in the
PCB case and 2.66 (1%) in the free-space case. The dielectric loss tangent is given with
about 0.01 in [Bur85], which agrees with the generic model for the planar measurement
and the free-spacemeasurement. Themulti-pole Debyemodel for the planarmeasurement
(a) Permittivity. (b) Dielectric loss tangent (multi-pole Debye
model).
Figure 8.15: Cross-comparison of planar (solid lines) and free-space (dashed lines) mea-
surements: PVC 1 ( ), PMMA ( ), PTFE ( ).
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shows higher values for frequencies approaching DC, but remains within the same order
of magnitude.
For MDF, [NPL18] gives a value of 3.2 at 50Hz for pressboard, which is the closest
reference for MDF found. At the minimum measurement frequency of 100MHz, the value
obtained by the planar measurement is about 2.94. Following permittivity theory and the
expected decrease of the permittivity with increasing frequency, the measurement results
in this work are in a well comparable range. The dielectric loss tangent is given with about
0.01 at 50Hz in [NPL18], which is in the same order of magnitude as the values for the
generic and multi-pole Debye model at 100MHz.
In [dRB11] and [RWD94], PTFE is reported with a relative permittivity of about 2.1 at
10GHz, while [MRPM98] gives a value of 2.01 at 10GHz. For 3GHz, [MM08] and [NPL18]
give a value of 2.1. The measured values (deviations to 2.1) for PTFE at 10GHz are 2.10
(0%) in the PCB case and 2.08 (1%) in the free-space case, showing excellent agreement
with the reference data. The dielectric loss tangent is given with about 0.0002 at 3GHz
in [NPL18] and 0.0001 at 3GHz in [MM08], which is considerably lower than even the
lowest value of about 0.01 for PTFE presented in this work.
For RO6010, [Rog16d] gives a value of 10.2 at 10GHz, which agrees well with the mea-
surement results in this work: The measured value (deviation) for RO6010 at 10GHz is 9.95
(2.5%). The dielectric loss tangent is given with 0.0023 at 10GHz, which is considerably
lower than the value of about 0.05 presented for the multi-pole Debye model in this work.
The generic model shows a value of about 0.12 and thus deviates even more.
In [NPL18], a value of 7.5 at 100MHz is given for soda-lime glass. The measured value
(deviation) for glass at 100MHz is 8.56 (14%) and 6.86 (9%) at 10GHz. In both cases,
agreement of measurement and reference data is rather poor, which can be accounted for
by the variety of compositions soda-lime glass can be made of. The dielectric loss tangent
is given with about 0.01 at 100MHz in [NPL18], which agrees with the value of about 0.02
in case of the multi-pole Debye model for the planar measurement. The generic model
shows a value of about 0.1 and thus deviates by an order of magnitude.
No comparable reference data for the concrete and insulation materials measured in this
work has been found by the author. A discussion on this topic as well as an approach to
establish comparability amongst differentmeasurements of concrete is given by the author
in [SHSP18]. Concerning the insulation material, the real part of the relative permittivity is
about 1.2 with negligible loss over the whole frequency range, effectively rendering this
material transparent. Especially in comparisonwith the strong inﬂuence of concrete usually
present in modern composite materials used for building purposes as well, the effect of
the insulation layer should be negligible almost regardless of its thickness.
8.5 SUMMARY AND CONCLUSION
The total uncertainty for the loaded measurements is estimated to lie below ±6% for
frequencies above 5GHz. This value already includes a high additional margin of error and
thus represents a very conservative estimation.
Both the PCB and on-chip measurements show excellent agreement in terms of per-
mittivity and dielectric loss tangent (deviation of permittivity values about 1%, dielectric
loss tangent well within the same order of magnitude). The typically very ﬂat slope of the
permittivity values for higher frequencies (e.g. above 67GHz) gives rise to the question, if
cumbersome measurement of such MUTs at these frequencies is truly necessary, or if a
proper extrapolation of data at lower frequencies (e.g. DC to 67GHz) is sufﬁcient for pa-
rameter determination (e.g. using the multi-pole Debye model). This reasoning is backed
especially by the fact, that PCB-based measurements of such kind are signiﬁcantly easier
in application in the lab, especially due to the increased geometries (e.g. TL strip width)
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compared to the on-chip case and the resulting simpliﬁcation of TL substrate and MUT
sample handling.
Both the planar and free-space measurements agree well with the reference data ob-
tained by WG measurements in V-band, showing typical differences of about 2% for the
planar and about 5% for the free-space measurements. The results for the dielectric loss
tangent are well within the same order of magnitude.
Comparing the planar and free-space measurements with each other, the permittivity
values agree within a deviation of 2% for frequencies higher than 10GHz. The results for
the dielectric loss tangent are well within the same order of magnitude.
Comparison of own measurements to reference data obtained from literature is rather
cumbersome due to the vast amount of only loosely speciﬁed data or documented mea-
surements. Nevertheless, the permittivity values for all measured samples are well within
a comparable range to the values given in literature. For most samples, the measured di-
electric loss tangent agrees with reference values. The same limitations for the two loss
models as already discussed for the unloaded case apply, while the unloaded dielectric loss
tangent values agree more reasonably with reference data at the given low frequencies.
For very low loss samples such as PTFE, the values given by references are considerably
lower than the measured ones, while the minimum determined dielectric loss tangent over
all samples is about 0.01 (neglecting the strong dispersion of the multi-pole Debye model
for frequencies approaching DC). Neglecting any inﬂuence due to the ﬁxture or relatedMUT
placement issues, this observation suggests, that the developed method has a limitation
in terms of minimum resolution of the dielectric loss tangent. Even though the unloaded
PCB measurements resulted in lower values for the dielectric loss tangent, the lower res-
olution boundary of the dielectric loss tangent estimation for loaded measurements can
be estimated to be about 0.01. The author suggests, that this observation is related to
the in general lower quality factor of the loaded system being measured compared to the
unloaded one.
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A comprehensive method for material parameter determination from S-Parameter mea-
surements of unloaded and loaded TLs has been developed in this work. A measurement
setup and methodology based on wafer prober measurements has been presented, which
allows for characterization of planar substrates and bulk material samples alike. The re-
quired theory has been developed, including a discussion of effective parameter extrac-
tion methods from measurement, identiﬁcation of and correction for undesired TL effects,
as well as mapping and modelling procedures based on physical permittivity models and
electromagnetic simulations. The developed method extends the current state of the art
and makes a signiﬁcant contribution towards material characterization at THz frequencies.
A unique feature is its applicability with large measurement bandwidths up to THz fre-
quencies, which is otherwise not readily achievable using existing methods: The planar
method has been tested from 100MHz to 500GHz in the unloaded case and 100MHz
to 220GHz in the loaded case. It is inherently broadband, while the upper frequency limit
is only subject to the fabrication capabilities of modern planar technology (i.e. minimum
planar dimensions of TLs and height of substrate) and thus is easily extendable to higher
frequencies.
Several substrate and bulk material samples covering a wide range of permittivities and
material classes have been characterized and emphasize the general applicability of the de-
veloped method. The uncertainties for unloaded planar measurements are estimated be-
low ±3% for PCB and below ±5% for on-chip substrates, while the loaded measurements
present an uncertainty below ±6% and below ±8%, respectively. For all measurements,
the order of magnitude of the dielectric loss tangent can be determined, while the lower
resolution boundary for loaded measurements is estimated to 0.01.
The results for planar measurements show, that especially the avoidance of ﬁxture-re-
lated issues in the wafer prober environment is of critical importance, as these disturb any
measurement severely and are a main cause of measurement uncertainty. For planar sub-
strates in general, the metal buildup of the TL’s conductors as well as the surface rough-
ness associated with the chosen fabrication process should be taken into account with
respect to any desired application: Both properties can deteriorate the transmission line
characteristics in a complex manner, affecting both loss and phase. For on-chip substrates,
speciﬁc issues (related to prototypical fabrication or not completely developed processes)
or design choices during fabrication can introduce additional challenges for the measure-
ment using on-wafer probes and thus pose a limitation to the measurement uncertainty
and repeatability.
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For large, ﬂat material samples not ﬁtting on the wafer prober, the developed method
has been adapted to a free-space measurement setup using antennas and tested up to
67GHz. In principle, this setup allows for measurements at higher frequencies as well,
provided sufﬁcient measurement equipment (i.e. antennas) is available. No speciﬁc uncer-
tainty analysis has been given for the free-space method, however, cross-comparison with
the planar method suggests, that the measurement uncertainty for the permittivity is well
in the same order of magnitude (i.e. single-digit percentage).
Further key features of the developed method are:
• Even though the measurement frequency has been extended signiﬁcantly above ex-
isting methods, the achieved uncertainties are well within the typical range1.
• In comparison with most existing methods, no specialized measurement cell or cum-
bersome micro-machining of material samples is necessary. All planar substrate mea-
surements are done in an application-related environment on a wafer prober (i.e.
avoid ﬁtting a thin substrate material inside a cavity or the like).
• It is not bound to a speciﬁc measurement setup: Even though it has been presented
with the focus on planar transmission lines in this work, it is applicable with other
measurement setups as well. Only minor changes to the method for parameter ex-
traction from measurement and the correction for transmission line effects are nec-
essary, which can be directly implemented in the respective sections. The extension
of the developed method to the presented free-space setup serves as exemplary
application and underlines this point.
• Integrating the developed method in other labs performing THz or corresponding
measurements should easily enable other researchers to perform related material
characterization. Only the measurement equipment to enable THz measurements,
which is most likely available at these labs anyway, is necessary.
• Due to its general approach and modular structure, new models to cover additional
aspects (e.g. low-frequency dispersive effects such as the Maxwell-Wagner effect)
or enhance its performance even further (e.g. sophisticated loss models) are easily
implementable at the respective sections.
– For frequencies exceeding 1 THz, it is expected that further polarization effects
take hold, which can be accounted for by adapting the currently implemented
physical permittivity models accordingly (i.e. extend the multi-pole Debye model
to explicitly include complex resonance effects at these frequencies).
– As soon as appropriate surface roughness models become available, these can
be implemented and used to analyze the related effects even further. Ultimately,
this could lead to the possibility to include a determination of a TL’s surface
roughness in the presented measurement approach.
Besides the main aspect of this work, several side aspects have been addressed and
discussed in further detail, such as higher ordermodes in planar TLs, the design of on-wafer
probe pads and custom calibration standards as well as issues concerning the fabrication
of on-chip substrates and resulting limitations for the measurement thereof.
1Typical uncertainties of nonresonant methods are within 1% to 10% for permittivity determination and
provide a typical resolution for the dielectric loss tangent of 10−2 to 10−3 [BJGG93].
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FURTHER RESEARCH
Even though not shown in this work, the author has tested the applicability with coaxial
connectors substituting the on-wafer probes at lower frequencies as well. Characterization
at lower frequencies and a coaxial interface or direct integration of the planar TLs alongwith
integrated electronics avoids the bulky and expensive equipment required for prototypical
development in a wafer prober environment and testing up to THz frequencies. This opens
up the implementation of the developed method for a broad range of sensing applications,
with a generic example given in the following:
A sensing device consisting of planar TLs at its surface is calibrated after fabrication, so
that the TL section accessible is clearly deﬁned and already de-embedded. This device
can then simply be pressed against a MUT or corresponding surface for characterization.
Obviously, the expected uncertainties may be increased compared to a measurement in
the well-controlled wafer prober environment, but the simplicity and applicability of the
outlined example could drive a plethora of commercial applications.
Furthermore and going beyond the original scope of this work, some other aspects could
be subject to further research:
• For frequencies in the infrared range, metals become dispersive, see [Jac98]. De-
pending on the extend of this effect with increasing frequency above 1 THz, it may
require additional modelling effort to be covered with this method.
• Mappings for the effective to the physical permittivity for both the unloaded and
loaded measurements are found by electromagnetic simulations. Especially in the
loaded case, a solution space is established, which cannot be modelled easily any-
more (e.g. by a two-dimensional linear model). Nevertheless, the author strongly
suspects that the underlying dependency could be universally valid and thus being
describable analytically. Further research can focus on ﬁnding such a model and im-
plementation of a solver, which would virtually render the simulations irrelevant.
• Advancing the applicability of the developed method to different measurement se-
tups even further, an extension to measure liquid samples can be thought of: A sam-
ple container can be placed on top of a planar TL (comparable to the MUT) or even
integrated together with the TL during fabrication, e.g. based on commercially avail-
able technology for microﬂuidic devices. This container can then be de-embedded
during the custom calibration process, which renders it invisible to the actual mea-
surement afterwards. Consequently, it can be interpreted as a MUT in the sense as
presented in this work, with no further need to adapt the developed method except
for the aforementioned changes to the setup and methodology.
• Instead of planar TLs, corrugated TLs can be investigated: Altering the effective TL
width (e.g. continually changing the width of a MS along its length) increases the
electrical TL length. This could be used to decrease the actual TL size (e.g. for prac-
tical implementations in a sensor application) or increase the interaction with a MUT
over the same TL length.
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Figure A.1: Signal ﬂow graphs for generic problems.
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A.2 REQUIREMENTS FOR MTRL CALIBRATION STANDARDS
The information presented in this section is directly taken from [Agi00].
Thru
• Zero length
– Thru must be lossless.
– S21 = S12 = 1 with measured phase < 0°.
– S11 = S22 = 0.
• Zc of the Thru must be the same as the Line (if not, the average Zc is used).
• The attenuation of the Thru needs not to be known.
• If the Thru is used for deﬁnition of the reference plane, the insertion phase or elec-
trical length must be well-known and speciﬁed. If a non-zero length Thru is speciﬁed
to have zero delay, the reference plane is established in the middle of the Thru.
Line
• The Zc of the Lines must be identical and establishes the reference impedance after
calibration (S11 = S22 = 0).
• Insertion phase or electrical length must not be the same as for the Thru (zero length
or non-zero length). The difference between the Thru and the Lines must be between
20° and 160° (±n × 180°).
• Optimal Line length for a single Thru/Line pair is λ4 or 90° of insertion phase relative
to the Thru at the middle of the desired frequency span. Usable bandwidth for such
a pair is 1:8 (start frequency:end frequency).
• Multiple Lines of different length (and otherwise identical) can be used to extend the
bandwidth.
• Attenuation of the Line needs not to be known.
• Insertion phase or electrical length must be known and speciﬁed within ±λ4 or ±90°.
Reﬂect
• The reﬂection coefﬁcient (Γ) magnitude is optimally close to unity, but needs not to
be known.
• Phase of Γ must be known and speciﬁed within ±λ4 or ±90°. During computation of
the error model, a root choice in the solution of a quadratic equation is made based
on the reﬂection data. An error in deﬁnition would show up as a 180° error in the
measured phase.
• Γ must be identical on both ports.
• If the Reﬂect is used to set the reference plane, the phase response must be well-
known and speciﬁed.
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A.3 REMARKS ON SURFACE ROUGHNESS MODELLING
From the experience of the author, typical values for Rq for PCB are within 0.5 um to 2 um
and for on-chip processes around 200 nm.
For PCB, a certain amount of roughness is desired and sometimes even introduced to
a conducting surface to increase the mechanical adhesion of the metal to the dielectric
substrate (commonly this is referred to by the term "peel strength"). Copper is by far the
most common used material in PCB technology and typically attached to the dielectric
substrate by pressing both copper and the dielectric together or rolling a copper foil over
the dielectric under pressure. An increased surface roughness of the metal foil is advan-
tageous, as the resulting grooves assure a good connection between metal surface and
dielectric substrate. This is true only, however, if the application on PCB is not supposed to
operate at higher frequencies, which is the reason why most RF suitable PCBs are offered
with low surface roughness (and low peel strength). The author refers to [Rog16a; Rog16b]
for further reference on the related fabrication processes.
For on-chip processes, electroplating is applied directly to the surface of the dielectric
substrate: Usually, an adhesion layer of a material such as nickel or titan is plated directly
on the dielectric substrate, where the layer thickness is typically only a few hundred nm.
On top of this layer, the main metallic layer (made out of copper or alumina for most on-chip
processes) is plated, which chemically bonds to the adhesion layer, assuring a good con-
nection. Due to the technological processes involved and the no longer existing require-
ment of mechanical adhesion, the surface roughness typically is around 200nm and thus
considerably lower than in the PCB case.
Due to the empirical nature of the models for ksr and their deduction from PCB mea-
surements, they do not give good predictions for on-chip TLs, which usually differ from
the PCB TLs in their conductor size (especially thickness), metal buildup (no thick copper
layer) and especially technological processes used for fabrication (e.g. different roughness
characteristics present). Additionally, Rq for on-chip TLs is rather small compared to TLs
on PCB. Besides these explanations, there are more limitations to the surface roughness
models introduced above:
1. Both models have been deduced empirically from the measurement of MS TLs
[HJ80; GBB+96] and may thus not be applicable with high accuracy for different
types of TLs such as (G)CPW.
2. Both models saturate at a maximum ksr of two, whereas measurements indicate,
that the additional loss due to surface roughness can exceed this value signiﬁcantly
[HRR10].
3. The underlying model assumptions are often based on unrealistic simpliﬁcations
[GH17]:
• The surface roughness is assumed to only be present in the direction of prop-
agation and show some kind of conformal characteristics (i.e. maintains a cer-
tain shape). This simpliﬁcation is physically unreasonable, since the technolog-
ical processes involved in fabrication do affect both directions of the substrate
equally: As a consequence, any kind of corrugation of the surface must be
isotropic and is not bound to show any conformity. It is rather randomly dis-
tributed and should best be described by a statistical approach, i.e. a normal
distribution as suggested by [GH17].
• If the current ﬂowing at the surface of the conductor is assumed to follow the
grooves introduced by roughness, the change in current direction would require
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related electromagnetic ﬁeld components inside the conductor1. This is not ac-
counted for in the modelling approach and is the reason why both models do
only correct the loss and do not account for any effect on the phase of the cur-
rent.
4. Even if both models were able to describe the conductor loss including surface rough-
ness properly and thus allow for separation of the dielectric loss from the overall loss,
this would only allow for determination of the dielectric loss of the unloaded TL sec-
tion: In case of an unloaded TL, the determined dielectric loss would include the loss
of the substrate and air section. Even though the air section could be assumed to be
negligible in comparison to the substrate, no direct calculation of the dielectric loss
only inside the substrate would be possible without further modelling. In case of the
MUT-loaded TL section, this issue gets even worse, since the air section would be
exchanged with the MUT and the additional dielectric loss introduced by the MUT
may not be negligible anymore. Even though the dielectric loss of the substrate may
be known from the ﬁrst measurement of the unloaded TL before, the change in ef-
fective permittivity of the loaded TL section due to the presence of the MUT makes
both dielectric losses inseparable again without further analysis: Since the ﬁeld dis-
tribution inside the MUT-loaded TL changes accordingly to the effective permittivity
(in dependency of εr,sub and εr,mut), an additional measure for this would have to be
found to divide the dielectric loss on both the MUT and the substrate accordingly.
Even though a lot more surface roughness models similar to the ones shown above exist,
most of them make similar simpliﬁcations or unreasonable assumptions. The only promis-
ing approach to this topic so far has been presented just recently in [GH17]. Since the state
of the model given there clearly aims for an implementation in modern ﬁeld solvers rather
than in transmission line theory, it is of no use for the approach presented in this work yet
and could not be included by the time of writing this dissertation.
1This is basically the assumption that has been made in Sec. 5.4 by modelling the increase in L′ into Lint.
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